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Quasi-Optical Components
for Millimeter and Submillimeter Waves

Abstract

Power-combining schemes involving planar grids of solid-state devices or
passive elements quasi-optically coupled in free space are an efficient means of
combining power that makes them ideal for millimeter/submillimeter-wave ap-
plications by eliminating waveguide sidewall losses and machining difficulties.
Three quasi-optical components including grid frequency multipliers, microswitch
beam-steering grids and evanescent-wave couplers are presented.

A terahertz grid frequency doubler using a 6x6 diode-grid periodically
loaded with planar Schottky diodes has been developed. A peak output power
of 330 uW was measured at 1.00 THz for 2.42-us 500-GHz input pulses with a
peak power of 3.3W.

The microswitch beam-steering grid has potential advantages over
mechanical-scanning devices or active beam-steering reflectors based on diode-
grids such as lower losses and simple control circuits at submillimeter
wavelengths. Micromechanical electrostatically-controlled SiOxNy-membrane
switches have been fabricated on silicon wafers to provide binary reactance con-
trol. Simulations predict that a 4-bit controlled 10-layer microswitch beam-
steering grid can have a phase-shift resolution of 22.5° over 360° with a maximum
loss of 1.6 dB and a maximum phase error of 5° at 240 GHz.

The metal-mesh evanescent-wave couplers have been demonstrated to have
wider bandwidths and larger modulations than Fabry-Perot couplers. The
evanescent-wave coupling effect has been studied and used to increase the ef-

ficiency of an optically-controlled amplitude-modulator at 56.5 GHz.
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Chapter 1

Introduction

Millimeterwave (30-300 GHz) and submillimeterwave (300 GHz-3 THz) sys-
tems have been attracting a growing interest in both academic studies and in-
dustrial applications. Although the technologies have not been well developed at
the present time, the advantages and the expanding demands of the use of this
portion of the electromagnetic spectrum have shown promise of utilizing these
systems in the future [1]. The applications vary from personal communication
tools [2] and automobile crash-avoidance systems [3], to remote-sensing of the
earth’s surface [4] and studying emission spectra of distance celestial bodies [5].
The shorter wavelengths in the millimeterwave and submillimeterwave bands al-
low the use of smaller and lighter components than for microwave bands, which
makes possible to develop compact and portable systems, especially for air-borne
and space-borne applications. They also provide broader bandwidths and higher
resolution for radars and imaging systems. In addition, the atmosphere atten-
uation of millimeter waves is relatively low compared to infrared and optical
wavelengths [6], which allows to build cameras and radars to penetrate clouds,
fog and dust for remote-sensing, missile-seeking, aircraft-guiding and automobile

collision-avoidance applications.

1.1 QUASI-OPTICAL SYSTEMS

Conventional millimeterwave and submillimeterwave components are based

on metal cavities, waveguides and horns along with vacuum tubes or gas lasers
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as sources. Although they are adequate for applications, they are usually heavy,
bulky, expensive and have high losses, and also require high-power supplies and
intensive manual labor for machining. Recent achievements of high-speed solid-
state device technologies have made possible to develop compact, lightweight and
reliable millimeter/submillimeter-wave systems. High-speed transistors, which
can be operated up to 300 GHz, and diodes, which can be operated up to 1 THz,
have been routinely fabricated [7]. These solid-state devices, due to the small
sizes for small operating wavelengths, are inherently low-power devices. In an
attempt to increase the limited output powers, a variety of power-combining
methods have been developed [8]. Many of these techniques are based on scaled-
down microwave circuits, transmission lines such as waveguides and microstrip
lines, and resonant cavities [9]. Conventional power-combining techniques have
serious limitations at higher frequencies, though they have reached high com-
bining efficiencies at microwave frequencies. At higher frequencies, the radiation
and conduction losses become too high for sensitive systems and degrade the ef-
ficiencies. The machining for single-mode waveguides become more difficult and
expensive as frequencies increase. The power-combining based on resonant cav-
ities also result in a narrow bandwidth and a limited number of devices, which

make high-power operation impractical.

In 1986, Mink [10] suggested the use of quasi-optical techniques for solid-
state power-combining. A grid of many planar devices quasi-optically coupled in
free space does not require the construction of single-mode waveguides and can
potentially overcome the power limits of high-speed solid-state devices by dis-
tributing powers among many devices. Rutledge and Schwarz [11] first demon-
strated the idea of integrating solid-state devices into a periodic grid as a multi-
mode detector array. The approach of using quasi-optical grids to combine power
provides many advantages, and these advantages become more attractive when

the frequencies increase, including higher powers, higher frequencies, less losses,
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Fig.1.1 A quasi-optical transmitter.

easier tuning, simpler analysis, monolithic feature, and better failure tolerance.

A detailed description of these advantages will be discussed in Chapter 2.

Millimeterwave and submillimeterwave quasi-optical systems look more like
optical systems, which the waves propagate and combine in free space, except
the components. Figurel.1l shows the configuration of a quasi-optical transmit-
ter. The typical components are either active surfaces such as periodic circuits
(grids) fabricated on dielectric substrates loaded with active devices, or pas-
sive lumped elements such as metal meshes on dielectric substrates. A variety
of grids have been demonstrated including detectors [11], phase-shifters [12,13],
frequency multipliers [14,15], oscillators [16,17], amplifiers [18-20], mixers [21],
beam controllers [22,23], switches [24], voltage controlled oscillators (VCOs) [25]
couplers [26], and power oscillators [27]. These grids show promising signs of

constructing a complete quasi-optical system and solve many of the problems
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which plague other power-combining methods. However, these grids, mostly
have been demonstrated at microwave or millimeterwave frequencies, face new
problems of their own at higher frequencies such as loss reductions and perfor-
mance enhancements. In this thesis, a THz frequency doubler will be discussed
to demonstrate the availability of LO sources and the feasibility of frequency
multiplication at submillimeter wavelengths. A micromechanical membrane-
switch beam-steering grid will be presented to demonstrate the feasibility of
lower-loss grid phase-shifters at millimeter and submillimeter wavelengths. A
metal-mesh evanescent-wave coupler will also be presented for demonstration of

efficient beam-modulations.

1.2 Quasi-OpT1icAL THz FREQUENCY MULTIPLIERS

The demand for solid-state local oscillators at submillimeter wavelengths
has been steadily increasing for applications in radio astronomy [28,29] and re-
mote sensing of the atmosphere [30]. The interest for terahertz applications has
raised a strong need for submillimeter-wave receivers, mixers and sources, es-
pecially tunable high-power sources used as the local oscillators for heterodyne
submillimeter-wave receivers. Traditional high-power sources in the THz region
such as gas lasers and vacuum-tube oscillators are not suitable for this purpose
due to their large sizes, high-voltage supplies, short lifetimes and small tuning
ranges. However, frequency multipliers such as Schottky diode multipliers can be
used to generate the required terahertz frequencies from lower-frequency solid-
state tunable signal sources such as Gunn-diode oscillators.

Conventional diode multipliers have mostly been single-diode structures,
typically consisting of a Schottky varactor diode placed in a crossed-waveguide
mount with a whisker contact [31]. A grid of many planar diodes quasi-optically
coupled in free space does not require the construction of single-mode waveguides
and can potentially overcome the low-power inherent with solid-state devices op-

erating at submillimeter wavelengths. Figure 1.2 shows the concept. Figurel.3
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Fig. 1.2 The grid-multiplier concept. The fundamental wave enters on the left as a beam, passes

through a filter, and is incident on the diode grid. The grid acts as a nonlinear surface and

produces a beam at the harmonic frequencies, which passes through the output filter on the

right.

Fig.1.3 The THz grid frequency doubler. It is a 6x6 array. The adjacent bow-ties are not

connected except the center row. The diodes in the top and bottom halves of the grid have

opposite orientations.
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shows the THz planar Schottky diode grid used as a frequency doubler. Previous

efforts of quasi-optical frequency multipliers have demonstrated the feasibility

and advantages (Table1.1).

Multipliers Output | No. of diodes Output | Efficiency
Frequency power

Doubler [14,32] 66 GHz| 760 Schottky 0.5W 9.5%

Tripler [33] 99 GHz 6000 BIN*| 2.16 mW 24%

Tripler [15,34] 99GHz| 3100 SQBV' 5W 2%

Tripler [15,34] 99GHz| 3000 MQBV*# 1.25W 0.7%

Doubler [Chapter 2] 1.00 THz 36 Schottky | 330uW 0.1%

Table 1.1 Achievements of quasi-optical frequency multipliers.
* BIN: barrier-intrinsic-N*.
t SQBV: Schottky-quantum-barrier varactor.

* MQBV: multi-quantum-barrier varactor.

This work is a joint effort among the MMIC group at CalTech, the Semicon-
ductor Devices Laboratory at the University of Virginia (UVA), and the Center
for Free-Electron Laser Studies at the University of California, Santa Barbara
(UCSB). CalTech is responsible for design, UVA is responsible for fabrication of
the diode grids and the measurements are done at UCSB using the free-electron
laser.

This is the first attempt to use the terahertz planar Schottky diodes devel-
oped successfully at UVA [35] on quasi-optical grids. These diode-grids, which
are originally designed for the use as sideband generators [36], have been fabri-
cated. We decided to test these diode-grids as frequency multipliers to verify the
feasibility of using diode-grids for terahertz frequency multiplication. It should
be emphasized that these diode-grids are originally designed for sideband gener-
ators, therefore, some design features may not be optimal or proper for the use

as frequency multipliers. For example, flipping the diode orientations above and
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below the center row of the grid for biasing is inappropriate for multipliers be-
cause the cancellation of electric fields from the two halves in the far field creates

an undesired null in the center of the output beam.

A peak output power of 330 uW is measured at 1.00 THz for 2.42-us 500-
GHz input pulses with a peak power of 3.3 W without any impedance tuning.
The relationship between the input power at 500 GHz and the output power at
1THz follows a square-power relationship. The diode-orientations designed for
sideband-generator application result in a null in the center of the output beam
for multiplier applications and measurements show that only 10% of the total
radiated power is received by the detector due to the null in the output beam. It
should be possible to increase the output powers and multiplication efficiencies

by correcting the diode-orientations since these diodes have not saturated yet.

1.3 QUASI-OpPTICAL BEAM-STEERING GRIDS

A complete structure of quasi-optical transmitter or receiver requires elec-
tronic beam-controllers for beam steering, focussing and switching in the appli-
cations such as radars for aircraft-guiding and missile-seeking; automobile radars
for collision avoidance systems; and millimeterwave imaging cameras which al-
low to see through fog. Electronic-scanning systems are more reliable, flexible
and have higher scanning-speeds than mechanical scanning systems. The high-
speed capability of electronic-scanning devices allows the beam to shift rapidly,
so it can track or image more targets simultaneously. Conventional waveguide
beam-steering systems are heavy, bulky and usually require complicated control
circuits. Previous efforts of using quasi-optical monolithic diode-grids as elec-
tronic millimeterwave beam-controllers show impressive results (Table1.2) and

the advantages of lower losses and high-speed control.



Beam-steerer type | Frequency No. of diodes | Phase| Reflection

shift loss
Reflection* [12,37] 93GHz | 1600 SV'T diodes 70° 6.5dB
Reflection ™ [13,38] 120GHz | 7168 SV diodes 70° 3.5dB
Reflection * [39] 60 GHz | 7100 SV diodes 130° 2.7dB

Table 1.2 Achievements of quasi-optical diode-grid beam steerers.
* single layer.
t SV: Schottky varactor.

Extending the quasi-optical diode-grid method for beam-control to higher
frequencies faces technical challenge to reduce losses caused by the series resis-
tances of the diodes. Past experiences show that it is extremely important to
keep series resistances of diodes as low as possible to reduce losses. However,
the series resistances of Schottky diodes increase when the operating frequencies

increase and the series resistances will cause more serious loss problems at sub-

Fig.1.4 A SiOxNy-membrane microswitch on silicon. By applying bias on the electrodes, the
cantilever bridge will experience an electrostatic force to bend the membrane downward until
the electrodes contact. The stress of the membrane will separate the contacts when the bias is

removed.
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millimeter wavelengths. Therefore, exploring the possibility of a novel method
using passive elements instead of diodes is the main purpose of this work.
Micromechanical membrane-switches (Figure1.4) offer the advantages of

simple control circuits and very low series resistances because of the pure metal-

.
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Fig. 1.5 The concept of a microswitch beam-steering grid. The incident waves enter on the
left, pass through several layers of microswitches and waveguides, where different settings of
microswitches add different phase shifts to the propagating waves, and transmit with deflected

angle on the right. The microswitches are electrostatically controlled.
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to-metal contacts. We proposed to utilize the binary changes of reactances by
switching the microswitches in an array to establish a discrete transmission-type
phase shifter. A multi-layer structure (Figure1.5) provides higher resolutions
of phase-shifts with low losses, which can be minimized by adjusting the spac-
ing between layers and the unit-cell patterns. Simulations predict that a 4-bit
controlled 10-layer microswitch beam-steering grid can have a phase-shift reso-
lution of 22.5° over 360° with a maximum loss of 1.6dB at 240 GHz, under the

assumption of having a 2-Q RF-conduction-loss resistance on each microswitch.

1.4QUASI-OPTICAL EVANESCENT-WAVE COUPLERS

Quasi-optical amplitude controllers provide functions such as amplitude mo-
dulations, beam switching and feedback elements to provide the required feed-
back to reach oscillation conditions for quasi-optical coherent power-combining.
Fabry-Perot interferometers have been widely used as tunable couplers and filters
at millimeter and submillimeter wavelengths. These couplers consist of two re-
flectors and make use of interference between propagating waves to change their
coupling coefficients. The large and rapid changes of the coupling coefficients
with frequency result in a narrow bandwidth [40).

We proposed metal-mesh evanescent-wave couplers (Figure 1.6) which make
use of the coupling effect of evanescent waves to control transmissions. The
evanescent waves are induced by an incident wave on the meshes, and decay
quickly away from the mesh, normally less than A/20 from the surface [41],
therefore, in contrast to a Fabry-Perot interferometer, the coupling coefficient of
the evanescent wave coupler can be significantly changed by small adjustments
of spacing. In principle, this type of couplers should have wider bandwidth
because the transmission properties of the couplers depend primarily on the
mesh parameters.

This work is a joint effort between Dr. Jongsuck Bae and Dr. Koji Mizuno’s

group, where the couplers were fabricated and tested, at the Research Institute of
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Electrical Communication in Tohoku University, Sendai, Japan; and the MMIC
group at CalTech.

Metal-mesh evanescent-wave couplers have been demonstrated as quasi-
optical amplitude-modulators for millimeter wavelengths. The transmittance
of a capacitive metal-mesh evanescent-wave coupler can be changed from 93% to
10% at 56 GHz by moving a tuning plate only A\/21.4. The coupling coefficient of
a capacitive coupler can vary more 30% over a 13% frequency range by adjusting

the spacing less than A/40. A model is presented to explain the relationship

Reflected Wave ; i22> Transmitted Wave

Acscent Waves

Incident
Wave

AN\

Inductive Mesh Capacitive Mesh
()

)

Fig.1.6 (a) Configuration of a metal-mesh evanescent-wave coupler. (b) Capacitive meshes and

inductive meshes.
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between the effective dielectric constant and the evanescent-wave coupling effect.
This model also explains some discrepancies between the conventional mesh the-
ory and the measurements.

Design principles are presented to reach maximum amplitude modulations
considering the mesh parameters, resonant frequencies and the thickness of the
tuning plates. In a capacitive metal-mesh evanescent-wave coupler with optimal
mesh parameters, changing the silicon plate thickness from 1 mm to 3mm to
tune the resonant frequencies, the coupling coefficient at the operating frequency
can be increased from 45% to 70% for a variation of spacing less than A/100.
The model and design principles presented at millimeter wavelengths, achieve
good agreements with measurements, provide useful information for designing a
submillimeter-wave coupler.

An optical-controlled metal-mesh evanescent-wave coupler is also demon-
strated. By using a laser diode to modulate the dielectric constant of silicon with
the existence of the evanescent-wave coupling effect, a maximum modulation of
13% is achieved at 56.5 GHz. To compare, the modulation is only 0.6% without

the evanescent-wave coupling effect using the same power of light illumination.

1.5 ORGANIZATION OF THE THESIS

This thesis consists of three main sections. Each chapter is concerned with
a different project. Chapter 2 discusses terahertz quasi-optical frequency mul-
tipliers using Schottky diode grids. Chapter 3 presents a novel approach to de-
velop a beam-steering grid using micromechanical membrane-switches. Chapter
4 demonstrates metal-mesh evanescent-wave couplers at millimeter wavelengths.
Due to the distinctive characteristics of each chapter, the motivations, previ-
ous achievements, approaches, conclusions and suggestions for future research
will be discussed individually in each chapter. The general idea of quasi-optical
approaches such as the advantages and the methods of analysis, the unit-cell

methods, will be given in Chapter 2.
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In chapter 2, terahertz quasi-optical grid frequency-doublers have been in-
vestigated by using Schottky diode-grids which were originally designed as side-
band generators. Terahertz applications; the achievements of terahertz sources;
conventional waveguide-multipliers and the achievements; and the concept, ad-
vantages and previous efforts of quasi-optical multipliers are first reviewed to em-
phasize the importance of developing quasi-optical submillimeter-wave frequency
multipliers. The idea of terahertz sideband generators is presented for the orig-
inal motivation of developing planar Schottky diode grids. Then the structures,
advantages, problems and a complete fabrication procedure of surface-channel

planar Schottky diodes are introduced.

The design approach (linear analysis), the unit-cell method, and the calcu-
lations for embedding impedances of grid structures are discussed and the results
of linear analysis on the grid multipliers are shown. The results of DC tests and
RF measurements are presented. The nulls in the output beam, due to the im-
proper diode orientations, are shown and verified by theory. The efforts of using
a dielectric lens to correct the output patterns; impedance tunings and biasing
effects are shown as an endeavor to increase the multiplication efficiencies. The
current saturation, RF current measurements, failure of diodes and nonlinear
analysis using harmonic-balance methods are discussed providing information

for future improvements.

Suggestions of future works include the improvement of the grid design,
diode structures, and experimental setup. A new design of 12 x 12 arrays and
the estimated output patterns are shown. The possibility of using other de-
vices rather than Schottky varistor diodes is also discussed including a new grid

frequency tripler using InAs quantum-well devices.

In chapter 3, a review on quasi-optical diode-grid beam-controllers is first
given. Then the structures of micromechanical membrane-switches and the ap-

proach of using these microswitches on beam-steering grids are discussed. A



14

general system and the modelling method are shown. Two designs including
practical considerations of using (110) and (100) orientation silicon wafers with

anisotropic etchant KOH and EDP solutions, respectively, are presented.

Because of smaller wavelengths, submillimeter-wave beam-steering grids ha-
ve TE;o-wave guided in a multi-layer vertical-wall rhombic-waveguide array with
microswitches inside the waveguides to provide the required shunt reactances for
phase-shifting. The dimensions and spacings of rhombic waveguides in the grids
have been calculated to minimize the losses. Performance predictions, simula-
tions and design principles are discussed for a 240-GHz beam-steering grid. For
longer wavelengths, thin (100) silicon wafers are used for supporting the mi--
croswitches and the free space between layers is used for providing the proper
electrical lengths. Performance predictions, simulations and design principles are

discussed for a 44-GHz beam-steering grid.

Micromechanical SiOxNy-membrane switches are fabricated on (100) orien-
tation silicon wafers to demonstrate the feasibility of fabricating long electrosta-
tically-controlled binary switches on silicon. Rhombic waveguide arrays are also
made by using (110) orientation silicon wafers and anisotropic etching techniques

to show that it is feasible to fabricate vertical-wall waveguides on silicon.

Finally, measurements are demonstrated for the designs of 44-GHz beam-

steering grids to verify the simulations.

In chapter 4, metal-mesh evanescent-wave couplers have been demonstrat-
ed as quasi-optical amplitude-modulators at millimeter wavelengths. In this
chapter, mechanical tunable metal-mesh evanescent-wave couplers are first stud-
ied to understand the evanescent-wave coupling effect; the dependence of the
coupling effects on the mesh parameters, on the the spacings, and on the thick-
ness of tuning slab; and the relationships between the coupling effects and the
resonant frequencies. A more accurate model then is presented to modify the

transmission-line equivalent-circuits taking the evanescent-wave effects into con-
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sideration. Finally, we used the same model and design approaches to demon-
strate a non-mechanical optical-controlled metal-mesh evanescent-wave coupler

for amplitude modulations at millimeter wavelengths.
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Chapter 2

Terahertz Grid Frequency Multipliers

The demand for solid-state local oscillators at submillimeter wavelengths has
been steadily increasing for applications in radio astronomy and remote sensing
of the atmosphere. The interest for terahertz applications has fostered a strong
need for submillimeter-wave receivers, mixers and sources, especially tunable
high-power sources used as the local oscillators for heterodyne submillimeter-
wave receivers. Traditional high-power sources in the THz region such as gas
lasers and vacuum-tube oscillators are not suitable for this purpose due to their
large size, high-voltage supplies, short lifetime and small tuning ranges. However,
frequency multipliers such as Schottky diode multipliers can be used to generate
the required terahertz frequencies from lower-frequency solid-state tunable signal

sources such as Gunn-diode oscillators.

This project is a joint effort among the MMIC group at CalTech, the Semi-
conductor Devices Laboratory at the University of Virginia (UVA), and the Cen-
ter for Free-Electron Laser Studies at the University of California, Santa Barbara
(UCSB). CalTech is responsible for design, UVA is responsible for fabrication of
the diode-grids and the measurements are performed at UCSB. This is the first
attempt to use the state-of-the-art terahertz planar Schottky diodes developed
successfully at UVA on quasi-optical grids. These diode-grids which are origi-
nally designed for use as sideband generators have been fabricated and the testing
for use as sideband generators is presently underway, nevertheless, we decided

to test these diode-grids as frequency multipliers to verify the feasibility of us-
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ing diode-grids for terahertz signal generations. It should be emphasized that
these diode-grids are originally designed for sideband generators, therefore, some
design features may not be optimal or proper for the use as multipliers. For
example, flipping the diode polarity above and below the center row of the grid
for IF input is inappropriate for multipliers because the cancellation of electric
fields from the two halves in the far field creates an undesired null in the center

of the output beam.
Organization of this chapter is in the following order:

Terahertz applications and achievements of terahertz sources are first men-
tioned to emphasize the importance of developing submillimeter-wave frequency
multipliers. Then a review on conventional waveguide-multipliers and the
achievements is presented. The concept and advantages of quasi-optical mul-
tipliers are examined. The idea of terahertz sideband generators is presented
for the original motivation of developing planar Schottky diode grids. Then the
structures, advantages and problems of planar Schottky diodes are introduced. A
complete fabrication procedure of the planar Schottky diode grids is given along

with an estimated equivalent circuit of the diode.

The design approach (linear part) is described. The unit-cell method and the
calculations for embedding impedances of grid structures, developed by Robert
Weikle and Jonathan Hacker, former students in the MMIC group at CalTech,

are introduced and the results of linear analysis on the grid multipliers are shown.

The results of DC tests and RF measurements are shown in the order
of DC I-V tests; low-frequency C-V tests; RF measurement arrangements; in-
put pulses; time-domain responses; verification of second-harmonic generations;
electric-field polarizations; frequency verifications; input power measurements;
power dependences; and output patterns. The measured output pattern is ver-
ified by antenna-pattern calculations taking the antenna pattern of the bow-tie

with contact fingers, the array factor and the finite acceptance-angle of the re-
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ceiving horn into account. The verification of using the finite-element method to
compute the antenna patterns is also given by comparing with analytic solutions
on a pure bow-tie antenna. The nulls in the output beam, due to the improper
diode orientations, are shown and verified. The attempt of using a dielectric
lens to correct the output patterns shows it is necessary to fabricate a new array
with proper diode orientations to increase the output powers. Then impedance
tunings and biasing effects are shown as an endeavor to increase multiplication
efficiencies.

The current saturation is discussed and an effort of measuring RF currents is
made. The RF current measurements, though didn’t provide enough information
on diode behaviors, initiate the possibility to determine terahertz characteristics
of diodes. Failure of diodes and possible approaches of preventing diodes from
damage are discussed. Then conclusions on present works are given.

Future works include the improvements of the grid design, diode structures,
and experimental setup. A new design of 12 x 12 arrays and estimated output
patterns are shown. The possibility of using other devices rather than Schottky
varistor diodes is also discussed including a new grid frequency tripler using InAs

quantum-well devices.

2.1 TERAHERTZ APPLICATIONS

Microwave remote-sensing techniques and recent developments on submilli-
meter-wave heterodyne radiometric systems have made possible their use in
limb sounders at submillimeter wavelengths to study the upper atmosphere of
Earth [1-4]. The Antarctic ozone hole discovered in 1985 [5] shows that it is
necessary and urgent to monitor the upper atmosphere in order to detect the
change of the stratospheric ozone layer which shields life from solar ultraviolet
radiation but is depleted by pollution from industrial activities. Observations
in the terahertz region have been successful in determining the density of many

species such as hydrogen chloride, hydrogen fluoride, and many radicals such
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as atomic oxygen, chlorine monoxide and hydroxyl which enters in many atmo-
spheric chemical reactions including the catalytic cycles of HOyx, NOx and ClO,
which lead to the destruction of ozone [6]. NASA EOS (Earth Observing Sys-
tems) scheduled an enhanced MLS (Microwave Limb Sounder) to be launched in
2002 [7] for monitoring ozone depletion, climate change, tropospheric chemistry
and volcanic effect. Technology needs include local oscillators for radiometers

and mixers up to 2.5 THz.

Astronomers note that interstellar medium emit energy mostly in the sub-
millimeter-wave spectral region [8] which is very important for the investigation
of a wide range of astronomical topics including star-forming molecular cloud re-
gions, the interstellar medium, the composition of planetary atmospheres, galax-
ies and cosmic background radiation [9]. Spaceborne observations will be re-
quired to study these subjects at submillimeter-wave ranges due to the interfer-
ence with the terrestrial atmosphere while ground-based, airborne and balloon-
borne observations continue [8]. NASA, ESA (Europe Space Agency) and some
other national space administrations are planning several satellite missions for
the time span of 1995-2010 including NASA’s ISO (Infrared Space Observatory),
SWAS (Submillimeter-wave Astronomy Satellite), SMMM (Submillimeter Mod-
erate Mission), LDR (Large Deployable Reflector), LSI (Lunar Submillimeter
Interferometer), SIRTF (Space Infrared Telescope Facility), ESA’s FIRST (Far
Infrared and Submillimeter Space Telescope), Japanese IRTS (Infrared Telescope
in Space), and Swedish Space Center’s ODIN MOSES [9-15]. These projects
present severe technical challenges on submillimeter-wave local oscillators for
space-borne heterodyne receivers and focal-plane arrays. For example, the fre-
quency coverage of the NASA’s SMMM is from 400 GHz to 1.2 THz and the
minimum output power requirement of the local oscillator at 1 THz is 50 uW.
The challenge is to provide a small, light-weight reliable device requiring low-

voltage power supply but generating enough output powers.
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The THz technologies are also used on plasma diagnostics [16] including
thermal imaging, density probing and backscattering measurement. In fusion
research, measurements of a plasma’s electron density profile have been obtained
by a submillimeter-wave imaging system, using a bow-tie antenna/bismuth mi-
crobolometer detector array [17|. Terahertz coherent systems were also used for
plasma heating and high energy accelerators in fusion researches [18].

Some potential submillimeter-wave applications include nondestructive test-
ing for high voltage cable manufacturing [19]; military radars [20]; high-density
high-directivity communications and data transmission [18,21}; medical diag-
nostics [22,23] - early diseases detection, spectroscope of expiration, emission
and reflection from tissue and skin; medical treatments [24]; bio-chemical re-
searches [22,25] - spectroscopy of gas product, radiometry of plants and en-
vironmental early warning systems; security [22,26] - life detectors, detection
of concealed drugs and bombs, and identity verification; short range informa-
tion [18,22,27] - automatic systems and automotive collision avoidance; as well

as material measurements and commercial process control [18].

2.2 SOURCES

The realization of a simple tunable local oscillator with adequate output
powers at submillimeter wavelengths presents severe technical difficulties. Tra-
ditional choices such as free-electron lasers, gas lasers, vacuum-tube oscillators
and reflex klystrons are not suitable for space applications due to their large
sizes, high-voltage supplies, short lifetimes, requirement for coolers and small
tuning ranges. High-frequency carcinotrons or back-wave oscillators have been
successfully developed at frequencies up to 1 THz [28]. However, they both are
mechanically cumbrous and require high-power supplies or complicated phase
lock systems. Therefore, all-solid-state local-oscillator sources would be more
appropriate for most of the applications. Several solid-state components the-

oretically capable of generating oscillations at submillimeter wavelengths have
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been under development such as TUNNETT [29-31], the quantum well diodes
(QWD) [12, 29] and resonant-tunneling diodes (RTD) [32, 33]. For example, an
output power of 0.2 uW at 420 GHz and an oscillation at 712 GHz using RTDs
were obtained by Brown et al. [34]. It was also indicated possible to achieve
fundamental oscillation up to 1 THz. A recent developing competitive approach
is to use a photo-mixer of low-temperature-grown GaAs to mix the lights from
two visible IR lasers to generate radiations in the frequency ranges from 100 GHz

to 3.8 THz [35]. At 1 THz, an output power of 0.8 uW was observed.

These devices, though are potential submillimeter-wave local-oscillator
sources, are still unable to generate enough output power for use and the power
falls off dramatically at higher frequencies. Therefore, frequency multipliers or
upconverters like Schottky diode multipliers pumped by a high-power, lower-
frequency tunable source provides an attractive alternative to generate the re-

quired terahertz frequencies.

At millimeter wavelengths, two most commonly used solid-state components
are IMPATT and Gunn devices. Hirayama et al. [36] demonstrated a 2.2mW
output power at 412 GHz and Kuno [37] showed that it is feasible to produce
900mW at 94 GHz and 12mW at 255 GHz using IMPATT diodes. Commercial
products are available from 30 GHz to 143 GHz. Millitech provides CW IMPATT
power oscillators with an output power of 200 mW at 96 GHz with a DC power
supply requirement of 24 V [38]. Hughes provides pulsed IMPATT power sources
with a long-pulse (a pulse width of 0.5-1000 us) output power of 2mW or a
short-pulse (a pulse width of 50-100ns) output power of 1 W at 143 GHz and
CW IMPATT power oscillators with an output power of 20mW at 143 GHz [39)].

The features of the Gunn diode oscillators include low AM and FM noise,
modulation options and availability of electrical tuning. For the GaAs Gunn
diodes, Kuno reported an output power of 40mW at 100 GHz [37]. Commer-
cial products are available at 95 GHz with an output power of 40mW [40] and
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Hughes provides tunable GaAs Gunn oscillators at 100 GHz with an output power
of 30mW and a tuning range of 1 GHz [39]. For InP Gunn diodes, Kamoua et al.
[41] demonstrated an output power of 20mW at 120 GHz and 10mW at 136 GHz
and later Eisele et al. [31] showed an output power of 100mW at 132 GHz. Com-
mercial products are available at 95 GHz and 110 GHz with output powers of
100mW and 40mW, respectively [40]. Millitech provides InP Gunn diode osci-
llators up to 140 GHz with an output power of 30 mW [38].

These millimeter-wave devices provide possible local oscillators to pump
frequency multipliers or multiplier chains to generate the required terahertz fre-
quencies. The advantages of using a combination of frequency multipliers and
solid-state sources will result from the favorable features of low frequency sources

like lower noise, larger tuning range, lower cost and higher reliability.

2.3 MULTIPLIERS

Current diode multipliers have mostly been single-diode structures typically
consisting of a Schottky varactor diode placed in a crossed-waveguide mount
with a whisker contact shown in Figure2.1 [42]. The structure design requires
matched terminations at the fundamental frequency and the desired harmonic
frequency; open-circuited terminations at the higher harmonics; and optimum
reactive terminations at the idler frequencies [15]. The input power is fed through
the input waveguide, passed a low-pass filter, and coupled into the diode chip
which is mounted on the surface of the output waveguide. One of the diodes
on the surface of the chip is contacted by a very thin wire (whisker) which acts
like an antenna coupling harmonic power into the output waveguide. Sliding
back-shorts in the input and output waveguides allow impedance tuning at the
input and output frequencies. The step transformer transform the impedance of
the waveguide to match the diode impedance. A stripline bias filter is used to
provide the diode DC bias.

Frequency multiplication results from the nonlinear impedance of diodes.
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There are usually two types of diode frequency multipliers: the varistor multipli-
ers utilize the nonlinear I-V relationship with a forward bias; and the varactor
multipliers make use of the nonlinear C-V relationship with a reversed bias. Sin-
gle varistor multipliers have been well developed with low conversion efficiencies.
Bauer et al. demonstrated resistive diode doublers at 300 GHz with a conver-
sion loss of 18dB [43]. Page [44] showed that the frequency multiplication effi-
ciency of a purely resistive multiplier is limited to 1/n2, where n is the harmonic

number. However, the advantages of using varistors are that the impedance
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Fig. 2.1 A typical crossed-waveguide multiplier using one diode [42]. Only half of the structure

is shown. The input power is fed through the input waveguide, passes a low-pass filter, and is
coupled into the diode chip which is mounted on the surface of the output waveguide. One of
the diodes on the surface of the chip is contacted by a very thin wire (whisker) which acts like an
antenna coupling harmonic powers into the output waveguide. Sliding back-shorts in the input
and output waveguides allow impedance tuning at the input and output frequencies. The step
transformer transforms the impedance of the waveguide to match the input impedance of the

diode. A stripline bias filter is used to provide the diode DC bias.
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matching is easier as compared to varactors and the intermodulation distortion
is smaller [45]. Therefore, a pair of two diodes in an antiparallel connection which
provides negative differential resistivity to avoid the limitation associated with
positive monotonic I-V characteristics can be more efficient [45], although the

idea has not been demonstrated at millimeter or submillimeter wavelengths.

Manley and Rowe [46] first in 1956 showed that it is possible to approach
100% conversion efficiency with a purely nonlinear reactive device. Penfield and
Rafuse [47] also predicted an ideal varactor will be able to convert all of the
pump power to any higher harmonics with proper terminations, bias and pump-
ing power. Therefore, varactors have been widely used for frequency multipli-
ers. Up to date, multipliers using varactors in crossed-waveguides have achieved
impressive conversion efficiencies. Archer [48] reported a doubler with 10% effi-
ciency at any output frequency in the range 100-260 GHz. The maximum output
power is 6 mW at 260 GHz. Faber et al. [49] demonstrated a doubler with 35%
efficiency at 98 GHz which is close to the theoretical prediction. Erickson [50]
demonstrated a doubler with a peak efficiency of 35% at 160 GHz using a bal-

anced configuration of two series Schottky varactors.

At submillimeter wavelengths, considerable effort has been made to increase
output power and output frequencies by using scaled-down versions of millime-
terwave waveguide mounts but smaller active-area diodes. Takada et al. [51] re-
ported a doubler with 5mW output power at 300 GHz and a tripler with 500 W
at 450 GHz. Erickson [50] has built a doubler with a maximum output power
of 4mW at 330 GHz and a tripler with output powers of 700 uW and 550 uW
at 474 GHz and 498 GHz, respectively. Zimmermann et al. [52-54] demonstrated
triplers, quadruplers, quintuplers and sextuplers with output frequencies in the
range of 450-750 GHz. A tripler with a 250 uW output power at 630 GHz [53], a
quadrupler with a 30 uW output power at 750 GHz [53], and a chain of a dou-
bler and a tripler with a 380 uW output power at 690 GHz [54] were reported.
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Above 800 GHz, Rothermel et al. [55] reported an octupler producing 0.66 uW
at 800 GHz when pumped by 20mW at 100 GHz and a seventh harmonic with
an output power of 1 yW at 805 GHz when pumped by 18 mW at 115 GHz. Ryd-
berg et al. [56, 57] have demonstrated a Schottky varactor diode frequency tripler
with a measured output power more than 120 uW at 803 GHz. Erickson et al. [58]
presented a waveguide tripler with an output power of 110 4W at 800 GHz. Zim-
mermann et al. [59, 60] has demonstrated an output power of 60 pW at 1 THz by

using a cascade of two whisker contacted Schottky varactor frequency triplers.

Figure 2.2 shows the state-of-art output power for frequency multipliers with
output frequencies from 50 GHz to 1 THz. The number next to the data point
indicates the reference number. Each data presents a maximum output power at
an operating frequency in the references. Obviously the output power strongly
depends on the pumping power, so some results do not have high output power
due to the availability of pumping sources. Also some data shown may not have
impressive output powers but have high efficiencies or being historic milestones.
In most of the cases, the maximum output power is limited by the power satu-

ration of the devices.

Though waveguide multipliers are highly developed and show to be promis-
ing to produce more output power at submillimeter wavelengths using two or

more diodes in series, there are some limitations.

At frequencies above 200 GHz, the losses of waveguide components are too
high for sensitive radiometers [54] and the machining for single-mode waveg-
uides become more and more complicated and expensive as frequencies increase.
Micromachining techniques provide possible solutions like micromachined slot
waveguides on silicon to reduce losses and cost [100]; and quasi-planar integrated
whisker /RF airline filters to replace the conventional whisker contacts [101,102].
These preliminary results are very impressive. However, these components are

still under development and have not yet been integrated with other mounting
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components like sliding shorts and impedance transformers.

Besides mounting structure parameters (losses and the embedding imped-
ances at the fundamental, idler, output and higher harmonic frequencies) the
other important varactor parameter deciding the efficiency is the dynamic cutoff

frequency f.:

fe= 27r1RS <C'jm-n - ijmn) (2.1)

J

where R,(f) is the series resistance of diodes, Cjmin and C; ., are the mini-
mum and maximum diode junction capacitances with different biases. A large
capacitance ratio Cjmaz/Cjmin With a small Cjmin will result a high cutoff fre-
quency. However, a small C; ., is usually achieved by reducing the device active
area which will also limit the saturation power. Therefore, increasing operating
frequencies for a solid-state device inherently limits the output power.

Power combining technology then becomes essential to overcome this
problem. Conventional power combining techniques utilizing waveguides and
striplines have serious limitations at higher frequencies though they have
reached high combining efficiencies at microwave and millimeterwave frequen-
cies [103,104]. These structures have high losses at submillimeter wavelengths
due to ohmic dissipation, are narrowband due to the resonant-cavities, are ex-
pensive due to the small sizes, and usually require many hours of manual labor
to assemble. Therefore, spatial power combining techniques have been applied
to submillimeterwave frequency multipliers. Frerking et al. [63] used a quasi-
optical Fabry-Perot interferometer to diplex the input and output frequencies
and a varistor GaAs Schottky diode to make the frequency doubler produc-
ing 50 uW at 600 GHz. Archer [64] used quasi-optical filtering and tuning ele-
ments at the output on triplers and quadruplers to reduce losses and demon-
strated a peak efficiency of 7.5% at 265 GHz and 5% at 340 GHz with 30 mW
input power. Steup [98] demonstrated a 580 GHz quadrupler consisting of four

whisker-contacted diodes and a quasi-optical antenna array in the output which
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acts as a tunable power combiner to produce an output power of 29 uW with a
pump power of 120mW. A corner-cube doubler has been constructed by Lyons
et al. [97] to generate 2 W at 952 GHz with an input power of 22mW. These
methods demonstrated the low-loss feature of spatial power combining, however,
didn’t produce more power due to the power saturation of single or a small num-
ber of diodes. One approach to overcome the low power of solid-state devices in

the submillimeter-wave band is to combine a large number of devices together.

2.4 QUuAsI-Op1icAL GRID MULTIPLIERS

2.4.1 ADVANTAGES

A grid of many planar devices quasi-optically coupled in free space does not
require the construction of single-mode waveguides and can potentially overcome
the power limits of conventional single/dual-diode multipliers. Rutledge and
Schwarz [105,106] first demonstrated the idea of integrating solid-state devices
into a periodic grid as a multimode detector array. The approach of using quasi-
optical grids to combine power provides many advantages and these advantages
become more attractive when the frequencies increase:

(1) Higher power. By integrating a large number of devices together into the
grid, very large powers can be achieved [108,118]. Because the input power is
distributed onto the entire grid, each device only handles certain amount of
input power which will increase the total saturation power and the dynamic
range. To increase the power, we simply increase the number of devices and
the size of the grid.

(2) Higher frequency. Quasi-optical system does not require the construction
of single-mode waveguides or single-mode resonators, therefore, the limita-
tion of operating wavelengths due to the machining difficulties is eliminated.

Also there is no transmission line like microstrip or other planar waveguides
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needed, the limitation of the roll-off frequencies or higher-mode cut-on fre-

quencies then disappears.

Less loss. Because the power is combined in free space, losses associated
with waveguide walls and feed networks are eliminated. Conduction loss,
dielectric loss and radiation loss which limit the operating frequencies using
traditional planar-waveguide components will be reduced in a quasi-optical

system.

Easier tuning. Quasi-optical systems use mirrors, dielectric slabs, metal-
patterned grids or Fabry-Perot interferometers for tuning the impedances,
it is easier than for most of the power combiners based on microstrip lines or
waveguides. The impedance tuning is independent of the active grid itself,
there is no need to change the design or re-fabricate the active devices or
lumped elements on the circuits when tuning the performance of the entire
system. The tuning elements are easier to be replaced or redesigned without

changing the active grids.

Simpler analysis. Although quasi-optical circuits look more like opti-
cal devices, they can be modelled with reasonable accuracy using simple
transmission-line and lumped-element components by assuming unit cells
in a large array. This provides two major advantages. First, unit cells
decide the performance of the whole grid. Design changes such as power
requirements or operating frequencies can be done by simply changing the
number of the unit cells or scaling of the unit cells, unlike microstrip cir-
cuits or waveguides which require a new iteration of analysis and layout.
Second, simple transmission-line models allow the well-developed commer-
cial computer-aided design tools for conventional microwave circuits such
as Hewlett-Packard Microwave and RF Design Systems (MDS) and Spice
to be applied to the design and modelling of quasi-optical circuits. Also

the unit-cell feature makes it possible to use the EMF technique, which was
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developed by Eisenhart and Khan [119] to derive the impedance of a wave-
guide mounting structure and later extended by Weikle [120], to determine
the characteristics of the grids. Conventional numerical techniques such as
the finite-element methods or conjugate gradient methods which use an it-
erative approach require large amounts of computer time and memory. This
method reduces the computing time and effort greatly.

(6) Monolithic. Either active or passive quasi-optical circuits are suitable for
monolithic manufacture using planar photolithographic techniques and ex-
isting semiconductor fabrication technologies. Also no transmission lines or
waveguides are used and that makes fabrication simpler and cost less.

(7) Failure tolerance. Intuitively, we expect a large number of devices in an
array provides a better failure tolerance. Kim et al. [121] shows that a 10%
failure of devices in a grid-amplifier only causes a 1-dB drop in output power.

This means that grids could be more reliable than a single-device system.

2.4.2 CONCEPT

The multiplier concept is shown in Figure2.3. The input beam at the fun-
damental frequency enters from the left. The first element is a pair of dielectric
tuning slabs that act to transform the impedance of the input wave to one ap-
propriate for the multiplier grid. Typically inductive reactance is needed to
cancel capacitance of the diodes in the grid. In addition, the free-space wave
mmpedance, 377(), is inconveniently high and needs to be reduced. Next the
beam passes through a low-pass filter that passes the fundamental frequency,
but reflects harmonics. Then the beam hits the diode-grid. A diode-grid is a
periodic circuit loaded with diodes. The grid acts as a nonlinear surface which
results from the nonlinearity of I-V or C-V characteristics of diodes and generates
harmonics. This harmonic beam radiates both forward and backward, but the
backward beam reflects off the low-pass filter. The forward beam passes through

the high-pass filter, and then through another pair of tuning slabs. One impor-
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tant feature is that the tuning slabs are outside the filters, so that the input and
output can be tuned independently. The entire structure is quite compact, only
a few wavelengths thick. The design is also suitable for cascading, so that even
higher harmonics could be produced. The multiplication process preserves the
beam shape. Therefore, a focused beam could be used so that different sizes of

multiplier grids could be cascaded.

2.4.3 ACHIEVEMENTS

Lam et al. [109-111] first presented the idea using diode-grids designed
for electronic beam steering as frequency multipliers and predicted a second-
harmonic output power of 560mW at 130 GHz with a conversion efficiency of
35%. Using this quasi-optical array approach on frequency multipliers, a second
conversion efficiency of 9.5% and pulsed output powers of 0.5 W were achieved at

66 GHz by Jou et al. [112,113]. The diode-grid has 760 Schottky barrier varactor

d N\

e |

Fig. 2.3 The grid-multiplier concept. The fundamental wave enters on the left as a beam, passes

through a filter, and is incident on the diode grid. The grid acts as a nonlinear surface and

produces a beam at the harmonic frequencies, which passes through filters on the right.
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diodes and was pumped by a 2.5 W input power with a pulse width of 2 us. It
is also shown that the experimental results agree well with the predictions using
simple transmission-line models and unit cell methods. Hwu et al. [114] reported
a frequency tripling efficiency of 24% at 99 GHz with an input power of 9mW
using a BIN (barrier-intrinsic-N*) diode grid. Liu et al. [115,116] have recently
demonstrated a frequency tripler consisting of 3,100 Schottky-quantum-barrier
varactor diodes to produce 5 W pulsed output powers at 99 GHz and a tripler con-
sisting of 3,000 multi-quantum-barrier varactor diodes to produce 1.25 W pulsed
output powers at 99 GHz. The pulse width is 1us. A CW tripler which 1is
currently being fabricated using superlattice Schottky-quantum-barrier varactor

diodes is predicted to have an optimized efficiency of 28% at 300 GHz [117].

2.5 THz SIDEBAND GENERATOR

Applications of the diode-grids include frequency multipliers; electronic
beam-steerers and phase shifters [109-111}; beam controllers [107]; mixers [122];
beam switches [123]; oscillators and resonators [124]; detectors and focal-plane
imaging arrays [125,126]; phase-conjugation media [127]; and sideband genera-
tors. Hacker [108] proposed a terahertz sideband generator grid used as a grid
mixer to upconvert a tunable low-frequency signal, the IF, to the terahertz region
by mixing it with a single-frequency local oscillator such as a submillimeter-wave
laser. Figure 2.4 shows the sideband generator grid concept. This terahertz side-
band generator grid is a nonlinear surface to convert a variable 1-20 GHz IF signal
onto a 1.6-THz local-oscillator (LO) signal. The LO beam incidents normally on
the diode-grid and can be generated by a conventional gas laser or a multiplier. A
mirror behind the grid is used to tune the impedance to match the free space for
a better coupling efficiency. The IF signal is generated by a microwave sweeper
and fed to the grid using a coplanar waveguide. The center row of the grid is
connected to the center conductor of the coplanar waveguide and the edges of

the grid are connected to the outer conductors. The diode orientation is flipped
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over the central row to allow DC biasing.

This proposed project is a joint effort between the MMIC group at Caltech
and the Semiconductor Devices Laboratory at the University of Virginia (UVA).
Caltech is responsible for design and the University of Virginia is responsible for
fabrication and testing of the sideband generators. This is the first attempt to
use the state-of-the-art terahertz planar Schottky diodes developed successfully
at UVA [128-132] on quasi-optical grids. These diode-grids have been fabricated
and the testing for use as sideband generators is presently underway, neverthe-
less, we decided to test these diode-grids as frequency multipliers to verify the
feasibility of using diode-grids for terahertz frequency multiplication. It should
be emphasized that these diode-grids are originally designed for sideband gener-
ators, therefore, some design features may not be optimal or proper for use as
multipliers. For example, flipping the diode polarity above and below the center

row of the grid is inappropriate for multipliers because the cancellation of electric

- R

J
Fig. 2.4 The sideband generator grid [108]. The incident LO signal and reflected sideband signals

couple to the diodes quasi-optically through the face of the grid. The mirror is used to tune out

the capacitive reactance of the diodes for a better match to free space.
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fields from the two halves in the far field creates an undesired null in the center

of the output beam.

2.6 PLANAR SCHOTTKY DIODES

Schottky barrier diodes for submillimeterwave applications are typically fab-
ricated as circular anode metallization on GaAs substrate with anode diameters
from microns to submicrons for whisker contacts [129]. This type of structure
provides benefits of simpler fabrication, less parasitic shunt capacitance with the
whisker contact and higher efficiency for input power to be coupled into diodes.
However, whisker-contacted diodes are costly to assemble and hard to combine
power.

Planar Schottky barrier diodes have been developed by numerous laborato-
ries over the past ten years [133-137]. These devices greatly simplify the system
implementation, especially for space-based applications which require high relia-
bility. The planar (whiskerless) Schottky diodes also allow integration of a large
number of devices, easier fabrication for antiparallel diode pairs and integration
with antenna structures or other devices such as filters, oscillators and amplifiers
on the same chips.

However, three major issues need to be solved for using planar Schottky
diodes [129].

First, the large shunt capacitance caused by the coplanar contact pads will
reduce the cutoff frequencies and limit the operating frequencies below 100 GHz.
Garfield, Mattauch and Bishop [133] developed a novel planar diode structure
to overcome this problem. These devices have extremely low parasitic element
values while still maintaining excellent current-voltage characteristics by etching
a channel through the active GaAs layer.

Second, the formation of submicron anodes on a planar diode is more diffi-
cult than a whisker-contacted diode. However, fabrication processes have been

greatly improved by the Semiconductor Devices Laboratory at the University of
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Anode
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(b) Top View
Anode Contact Finger
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(c) Cross Section
Fig. 2.5 (a) The SEM picture, (b) the top view and dimensions, and (c) the cross section of the

planar Schottky diode.
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Virginia [131]. The surface channel structure provides the benefit to form the
anode on an essentially planar surface, therefore, makes it easier to define the
anode formation and the anode-to-finger alignment. Also the structure avoids ex-
pensive and troublesome proton bombardment which is required for conventional
planar structures.

Third, the LO coupling efficiency is low for a planar diode [129]. This prob-
lem can be solved by designing an integrated planar antenna structure and using
outside impedance tuners to optimized the coupling efficiency. Quasi-optical grid
is then a good candidate to use the planar diodes. Quoting Crowe’s words in [129]
“Solution of this problem will require close interaction between the diode fabrica-
tion experts and the RF circuit/antenna designers.....Thus, when the problems
of shunt capacitance, large anodes and RF coupling are solved, planar diodes
should outperform whiskered diodes at THz frequencies.” Therefore, we believe
the collaboration between UVA and Caltech will make an important contribution
not only on realization of a higher-power THz LO source, but also on expansion

of planar-diode applications.

2.7 FABRICATION

These planar Schottky diode-grids are fabricated by Yongjun Li in the Semi-
conductor Devices Laboratory at the University of Virginia. Figure 2.5(a) shows
an SEM picture of the planar Schottky diode located between the metal fingers
of the bow-tie structure. Figure2.5 (b) and (c) show the top view and the cross
section of the planar Schottky diode, respectively.

Fabrication procedures shown in Figure 2.6 are quite similar with the ones
in [138]. To make a diode used in terahertz frequencies, series resistance R, and
zero-bias shunt capacitance Cjo should be greatly reduced by reducing anode
diameter and choosing optimum active layer doping and thickness [155,156].

(1) The processes start with a highly Si-doped GaAs substrate with a layer
of undoped AlGaAs on top. The AlGaAs layer has a thickness of 1.5 um.
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Fig. 2.6 Fabrication procedures for planar Schottky diodes.
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Then a layer of Si-doped buffer GaAs and a layer of Si-doped active GaAs are
deposited on the surface using MOCVD. The n-GaAs layer has a thickness
of 0.1 ym and a doping concentration of 4 x 10'7cm™3. The n*-GaAs layer

has a thickness of 3 um and a doping concentration of 5 x 10'8cm™3.
A (0.4 pm) layer of SiO, is deposited using chemical vapor deposition (CVD).

Photoresist is applied to form the cathode contact pattern and then SiO,
and n-GaAs are etched away. The ohmic contact metallization is deposited

and alloyed.

A thin layer of photoresist is applied to form the anode pattern using pho-
tolithographic techniques. The mask is made by DuPont Photomas, Inc..
SiO; then is etched away using the fluorine reactive ion etching (RIE) to
form an anode well. A very thin (300-400A4) layer of SiO, is left in the bot-
tom of the well to protect the underlying GaAs from ion etching damage.

The resist is removed by acetone.

A layer of photoresist is spun on the whole wafer to cover SiO, and the anode
well. Two circular patterns are exposed on each side of the anode. These

two circular patterns are called the GPEs (Galvanic Protection Eyes).

Fabrication processes in previous experiences [138] result in two severe prob-
lems on planar Schottky diodes: high creep (a shift in forward knee voltage
after applying reverse current) and low reverse breakdown voltage. These
two problems will significantly degrade the diode performance. Possible
cause 1s the galvanically accelerated etching (galvanic corrosion) which hap-
pens as applying anode-formation platinum plating. The galvanically ac-
celerated etching is particularly stronger with small anode diameters. A
formation of two protection wells around the anode contact to shunt the
galvanic current away from the anode, prior to the anode plating, could re-
duce the excessive etching of GaAs epitaxial layer in the platinum plating

solution. Experiments have been done by William Bishop and Yongjun Li at
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UVA to show the assumption correct and the GPEs could greatly improve
the I-V characteristics of the diodes.

The SiO; in the Galvanic Protection Eyes is completely etched away using
the fluorine RIE. It is important to make sure that the epitaxial GaAs in
the GPEs is also damaged by the RIE etching to keep away the galvanic
current from entering the anode during plating. After the GPEs are formed,

the resist is removed.

The thin layer in the bottom of the diode well is then etched by using
buffered HF solution. The etching rate is another important parameter in
this process. Insufficient etching may cause open-circuited or high resistance

while overetching may result a larger diode.

First platinum and then gold are electroplated to form the diode and fill the
anode well. The anode has a diameter of 0.56 um in the first batch and a
diameter of 0.5 um in the second batch. A very thin layer of Pt/Au will also
be formed in the GPEs.

A very thin layer of chromium and gold is deposited on the entire wafer for

electroplating current to flow.

Then photoresist is applied to form the anode contact-finger pattern and

2-um thick gold is electroplated through the opening of photoresist.

The resist is removed. The gold is sputtered away using turbo sputter sys-
tem and the chromium layer is etched away using chromium etchant. The
chromium etchant will also attack the Pt/Au layer in the GPEs and leave

two holes on each side of the diode.

Photoresist is applied again to form the surface channel pattern and SiO,
and GaAs are etched away to form the isolating trench. The GaAs layers
are first etched using Cl,-RIE to thin the GaAs layers down to 10-20 pm,
then etched using the (NaOH:H,0,:H,0=1:1:10) selective etchant. This

two-process GaAs etching is to avoid uneven etching for thick layers.
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(11) A thick layer of black wax is applied on top as superstrate to protect the
surface. Then the highly-doped GaAs substrate is etched away. The surface
channel and the GPE holes are filled with wax during this process.

(12) The whole structure is glued on a 30-pm thick quartz substrate using a
thin (2-3 pm) layer of optical adhesive. The GPE holes are molded by the
adhesive and located on the quartz at each side of the anode finger. These
circular GPE patterns can be seen in Figure2.9 and 2.10. The black wax

superstrate is then removed in acetone.

2.8 EQUIVALENT CIRCUIT FOR PLANAR SCHOTTKY DIODE

Major circuit elements in a planar Schottky diode is shown in Figure2.7(a).
The surface channel eliminates the conducting path between the anode contact
capacitance, Cgc, and the cathode contact. Therefore, instead of having a bigger
capacitance, Csc, it is replaced by the series combination of C, and C, which is
the substrate capacitance. Because C, is much less than C,, the series capaci-
tance is greatly reduced. The shunt Csc contribution is not significant because
it is now distributed across an air dielectric (e,=1) instead of GaAs (&,=13.1).
C, is also reduced by using quartz as substrate instead of semi-insulating GaAs.

However, the poor thermal conductivity of fused quartz (1.4 W/(m-°K) at 273°K)

Anode Contact

@ ®)

Fig. 2.7 (a) The cross section of the planar Schottky diode and equivalent-circuit elernents; and

(b) the equivalent circuit used for the sideband-generator design.
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may cause more heating problems than GaAs (50 W/(m-°K) at 273°K for a dop-
ing concentration of 7x10cm™2) [139]. Though the thermal properties of GaAs
Schottky diodes on quartz substrate are still not well studied, experiments show
heating effects more obvious for diodes on quartz substrate than the equivalent
diodes on GaAs [128,149]. It is possible to improve the thermal properties of
planar Schottky diodes by using c-axis crystalline quartz (thermal conductiv-
ity =12 W/(m-°K) at 273°K) [139] as substrate or by cooling with liquid nitro-
gen [140,141].

Shunt capacitances from the contact finger, C, and Cy, are further reduced
by reducing the width of the finger and etching the surface channel as close as
possible to the anode. The width of the finger is 1 um and the distance between
anode and channel is 2 ym. Cy can be further reduced by increasing the thickness
of SiO,, however, it will also increase the difficulties of anode formation. The
finger inductance, Ly, can be calculated and helpful in tuning out the parasitic

capacitances.

One of the distinct advantages in planar Schottky diodes is that the ohmic
contacts are very close to the anodes, the electrical path length is greatly reduced.
Therefore, the series resistance, R;, and series inductance will be much less.
McKinney et al. [142] reported a detailed analysis of series resistances for planar
Schottky diodes. A thin layer of n-GaAs and a highly-doped n*-GaAs layer

should be to reduce the series resistances.

The resistive losses at ohmic contacts are further reduced when the planar
Schottky diodes are used in a quasi-optical grid. Because the AC current paths
are limited to the very small dimensions of the unit cells unlike the single-chip
diode integrated with antenna or whisker contact which the AC current has to

flow through the entire structure, the RF resistive losses can be reduced.

Figure 2.7 (b) shows the equivalent circuit used to model the planar Schottky

diode. The element values shown are estimated and used in the design of sideband
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generators [108]. Due to the experimental nature of the diode, this model can
only approximate the actual diode impedance. Later on, the estimated series

resistance, R;=25(), is replaced by a measured value, R,=14Q, for analysis.

2.9 THE 6x6 DIODE-GRID ARRAYS

These grid multipliers are fabricated on a 30-um thick fused-quartz sub-
strate. It is a 6X6 array. Figure2.8 shows the entire array. The active area is
420 pmx420 pm and the size of the entire chip is 700 um x 700 ym. Three diodes
are in series from the top or bottom bias line to the center bias line. The ad-
jacent bow-ties are not connected except the center row. The diodes in the top
and bottom halves of the grid have opposite polarities. This is because the grid
was originally designed as a sideband generator [108]. When the grid is used as a
frequency multiplier, the polarity change causes an undesired null in the middle

of the output beam. Figure 2.9 shows a closer look of the grid.

2.10 Un1T CELLS

Figure 2.10 shows the bow-tie-shaped metal pattern used for the unit cell.
The Schottky diode junction is located at the center of the unit cell. The size of a
unit cell is 70 yum x 70 pm. The total length of the contact finger is 14 um and the
widths of the anode finger and the cathode finger are 1 um and 2 pum, respectively.
The relative dielectric constant of quartz is €,=3.78. The dark circular shadows
located on each side of the contact-finger are the adhesive-molded GPE-holes as

mentioned before.

2.11 DESIGN APPROACH

2.11.1 UNiT-CELL WAVEGUIDE APPROACH

These diode-grids are originally designed for sideband generators, therefore,

before we analyze these grids as multipliers, it is necessary to mention the design
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Bias Line

Bias Line

Bias Line
| le———420pum—— !
Opm I Connectted

Fig. 2.8 The grid frequency doubler. It is a 6x6 array. The adjacent bow-ties are not connected

except the center row. The diodes in the top and bottom halves of the grid have opposite

orientations.
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L7opm-I

Fig.2.9 A closer look of the grid frequency doubler. The rectangular area indicated in the

drawing is shown in the picture. The dashed line indicates the unit cell used for design and

analysis. The diodes in the top and bottom halves of the grid have opposite orientations.
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28 um

Fig. 2.10 The unit cell of the grid multiplier. The size of a unit cell is 70 pmx 70 pm.
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methods used for these diode-grids. The design details are described in Hacker’s

thesis [108] and only the general ideas and final results will be mentioned here.

The configuration of sideband generators is shown in Figure2.4. Diodes
are loaded periodically in the grid and each diode defining a unit cell of the
grid. There is a flat mirror behind the grid to act as a reactive tuning element.
By optimizing the dimensions and the metal pattern of the unit cell as well
as the dielectric constant and the thickness of the grid substrate, the reflection

coefficient can be optimized for the incident signals at the operating frequencies.

Each diode in the array is presented with an embedding impedance which is

Fig. 2.11 The unit-cell waveguide. For a vertically-polarized electric field, the unit-cell waveguide

has magnetic walls on the sides and electric walls on the top and bottom.
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determined by the metal pattern repeated throughout each unit cell. By assum-
ing an infinite grid with a uniform plane wave normally incident upon the grid,
the symmetry allows us to replace the walls of the unit cell in the grid with elec-
tric and magnetic walls to form an equivalent unit-cell waveguide. Therefore, the
analysis of the entire grid can be reduced to a simpler analysis of the equivalent
unit-cell waveguide. For a TEM incident wave with vertically-polarized electric
field, the unit-cell waveguide has magnetic walls (Hangential = 0) on the sides and
electric walls (Egangentia = 0) on the top and bottom, as shown in Figure2.11.
The propagating mode in the unit-cell waveguide is TEM and the evanescent
modes couple to the currents flowing in the metal patterns. The AC current
paths are limited in the unit cell by symmetry.

The equivalent unit-cell waveguide incorporated with a device can be pre-
sented as a simple transmission-line model to decide the performance of the
entire grid, once we know the equivalent circuits for the device and the embed-
ding impedance of the metal pattern. The embedding impedance of the metal
pattern can be solved either by techniques developed for the analysis of struc-
tures placed inside waveguides, or by numerical three-dimensional finite-element
methods. Because of the assumption of the grid to be infinite extended, the edge
effects of the grid are ignored. From the past experiences, the unit cell solutions

have been providing reasonable accuracy for a grid with sizes of 4x4 or bigger.

2.11.2 EMBEDDING IMPEDANCES - EMF ANALYSIS

For simple geometric metal patterns like strips or bow-ties, the embedding
impedance presented to the terminals of the diode in the unit cell can be solved
by the EMF analysis first described by Eisenhart and Kahn {119], and later de-
veloped by Weikle [120] and De Lisio at Caltech using Galerkin’s moment method
to find the current distribution on the metal patterns. Bundy et al. [143] used
the same approach to develop a full-wave analysis to determine the driving im-

pedances for any active devices embedded in the grid structure with more com-
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plicated metal patterns.

For a unit cell with a vertical strip, the equivalent element in the
transmission-line model is a shunt inductor, as shown in Figure2.12, with re-

actance Z:

= m : m _
Zr=23 ot (50 sin?(Gn) (ZEBF 1 Z2E), (22)

where ZIPM = /u/e, and ZXE = wpu/k,, and k. is the propagation constant and

is given by

k, = \/uﬂue— (inir—)2 —- (Eg)2 (2.3)

For a bow-tie metal pattern in a unit cell, the embedding impedance re-
sembles a shunt section of transmission line, as shown in Figure2.13. The shunt

transmission line has a characteristic impedance, Zgr, and electrical length, g1

Zgr = \/g, (2.4)

051 = VZY, (2.5)

which are determined by [120]:

__]WI._
2]
b diode i
$

L

L a N

.................... Magnetic wall

Electric wall

Fig. 2.12 A unit cell with a vertical strip and the simplified equivalent-circuit elements for the

unit-cell waveguide. The equivalent circuit of the diode can be incorporated.
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where
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and VM = we/k,, k, = mr/a, k, =7 /b, kZ = k2 + k2, and

1, if m=n;
€mn = (2.10)
2, otherwise.

.................... Magnetic wall
Electric wall

Fig.2.13 A unit cell with a bow-tie pattern and the simplified equivalent-circuit elements for

the unit-cell waveguide. The equivalent circuit of the diode can be incorporated.
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In the sideband generators, the bow-tie metal pattern is chosen to achieve
a broader-band operation. Because the embedding impedance of the bow-tie
pattern resembles a shunt section of lower-impedance transmission line with an
electrical length of a fraction of a wavelength, it has a broader bandwidth than a
strip pattern if the junction capacitance is small. However, choosing the bow-tie
will also degrade the reflection losses at the operating frequencies. A combination
of a strip and a bow-tie pattern can be a tradeoff option for bandwidth and
return losses. Due to the planar diode structure, the contact-fingers are required
to reduce the parasitic capacitances. Therefore, we can use the innate contact-
fingers as part of the strip patterns to help tuning out the diode capacitances

along with the bow-tie to achieve a wider bandwidth with reasonable return

losses.

2.11.3 EMBEDDING IMPEDANCES - THREE-PORT EXTRACTION

However, the EMF analysis can only provide a gross approximation to the
actual impedance for a pattern with a combination of a short-strip and a short-
ended bow-tie. Intuitively, it is expected the narrow strips of contact-fingers to
add some inductance in series with the diode, and the short-ended bow-tie to have
a shorter electrical length than that calculated by the EMF method in the shunt
transmission line. To verify this assumption, the Hewlett-Packard High Fre-
quency Structure Simulator (HF'SS), a 3-D finite-element electromagnetic-wave
solver, is used with the three-port embedding-impedance extraction technique
developed by Hacker [108] to extract the embedding impedance of this complex
geometry of the unit cell.

Figure2.14 shows the quarter-piece structure used in HFSS for three-port
embedding-impedance extraction. Port 1 and port 2 are the front- and the back-
ports of the unit-cell waveguide, and port 3 which presents the driving point
of the diode is connected to a short section of a rectangular coaxial waveguide.

Because the symmetry between the left and right, the unit cell can be reduced to
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a half piece by placing a vertical magnetic wall in the center of the unit cell. In
order to simplify the analysis and shorten the computation time, the half-cell can
be further reduced to a quarter piece by assuming the anode- and the cathode-
finger widths the same. This symmetry allows us to place a horizontal electric
wall in the center and the driving point of diode will be exposed at the edge
of the quarter-piece unit-cell waveguide. The short section of the rectangular
coaxial waveguide connected to the driving point is well-defined with a known

propagation constant and a known waveguide impedance.

Simulations over the frequency range of interest are done in the 3-D struc-
tures to solve the s-parameters. Post-processing on the s-parameters is performed
to remove the effect of adding the coaxial waveguide like de-embedding the phase
shift and renormalizing s-parameter matrix to the free-space impedance. The fi-
nal s-parameter matrix can be compared with the s-parameter matrix of our
intuitive circuit model whose element values can be first approximated by the

EMF analysis. Then the element values can be fine-tuned until the model s-

Electric wall
—\ Port 2
r

\

Magnetic wall

Fig. 2.14 The three-port quarter-piece waveguide with proper boundary conditions and the detail

view of the rectangular coaxial waveguide connected to the driving point of the diode.
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parameter matrices agree with the HFSS results.

A more convenient way to solve the embedding impedance is to utilize the
calibration method used for a one-port network analyzer. A mirror is placed
behind the grid which means short-circuited the port 2 in the circuit model and

the structure becomes a two-port network with the s-parameter matrix S:

S = ( o 313) . (2.11)
831 S33 ‘

We can now apply the calibration method for a one-port network analyzer.
A series of three electrically distinct loads are placed across the port 3 connected
to the driving point of the diode. This reduces the structure to a one-port with
port 1 excited by a TEM incidence onto the grid. Typically these loads would
be a short circuit, an open circuit, and a matched load. HFSS version 1 did not
provide lossy material to be specified, so the matched load must be replaced by a
delayed short which can be a shorted coaxial rectangular waveguide. Hacker [6]
in his simulations used this method. HFSS version 2.0 and 3.0 permit resistive
lossy materials or resistor-type boundary conditions, so a matched load can be
applied across the port 3.

Simulations of the structure over the frequency range of interest are per-
formed for each of the three loads solving three one-port s-parameter files, ey,
es, €, corresponding to the matched termination, short-circuit, and open-circuit,
respectively. These calibration s-parameters can then be used to find the two-

port s-parameters of the grid using

S11 = € (212)
] s 2 ™m
S33 = €t € —2em (2.13)
€ — €5
2(e, —en)(es — €
$13831 = ( » —)<6 ), (2.14)

and reciprocity (s13 = s31) is applied to solve s;3. The S matrix then is compared

with the intuitive circuit model to fine-tune the element values. Since the three-
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port matrix (which has 4 variables when reciprocity and symmetry are applied:
$33; 811 = S22; S12 = S21; and S;3 = S31 = S23 = S32) Now is replaced by a two-port

matrix (with s13 = s31;511; and ss33), the analysis becomes easier.

2.12 DESIGN FOR SIDEBAND GENERATORS (LINEAR)

Comparison of the s-parameters from the intuitive circuit model and the s-
parameters from the HFSS shows our assumption correct. Figure2.15(a) shows
the fine-tuned values of the equivalent circuit in the frequency range from 1 THz
to 2 THz, and (b) shows the comparison of the results from the equivalent circuit
and the de-embedded s-parameters solved by HFSS. The values computed by the
EMF method which assumes a bow-tie in the same size unit cell are shown in
parentheses. As expected, the electric length of the bow-tie shunt transmission

line is shortened corresponding to the physically shortened bow-tie and the total

series inductance contributed by the contact-fingers is 2.9 pH.

Fig. 2.15 (a) The equivalent circuit used to simulate the bow-tie grid with diode fingers for THz
sideband generators. The total inductance contributed by the contact-fingers is 2.9 pH and the
shunt section of the bow-tie transmission-line has an impedance of Zgy =119Q and an electrical
length of 8y =57° at 1.6 THz. (b) The s-parameters on a Smith Chart from HFSS simulations

(#) and from the equivalent circuit of (a) (solid lines) with a short-circuit load at port 3.
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The configuration of sideband generators, shown in Figure 2.4, has a flat mir-
ror behind the grid to tune the reflection coefficient null to the desired frequency.
The mirror provides a shunt short-circuited free-space transmission line in the
equivalent circuit and the position of the mirror decides the electrical length. The
equivalent circuit used for the planar diode is shown in Figure 2.7(b). The quartz
substrate used in this design has a thickness of 25 pm and a relative dielectric
constant of €,=3.78. By optimizing the dimensions and the metal pattern of
the unit cell as well as the mirror position behind the diode-grid, the reflection
coefficient can be optimized for the incident signals at the operating frequency.
Figure 2.16 shows theoretical reflection coefficient from 1 THz to 2 THz. The null
of the reflection coefficient can be tuned from 1.5 THz to 1.9 THz by adjusting
the position of the mirror behind the grid. The electrical length between the grid
and the mirror for the null at 1.6 THz is 23°. The total inductance contributed

by the anode- and cathode-contact-fingers, which are assumed to have the same
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Fig. 2.16 Theoretical reflection coefficient for the diode-grid used as a sideband generator. The
null can be tuned from 1.5 THz to 1.9 THz by adjusting the position of the mirror behind the
grid. The electrical length between the grid and the mirror at 1.6 THz is 23°.
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widths of 2 um, with a total length of 14 um is 2.9 pH. The bow-tie shunt trans-
mission line has an impedance of Zgr =119 and an electrical length of 657 =

57°.

2.13 LINEAR ANALYSIS FOR GRID MULTIPLIERS

We proposed to use these diode-grids as frequency doublers for the fun-
damental input in the frequency range from 500 GHz to 600 GHz considering
measurement simplicity, equipment /component availability and past experiences.
However, the sideband generator is designed for LO frequencies of 1.5878 THz
(190 pm), 1.629 THz (184 um) and 1.675 THz (179 um) provided by gas lasers.
Therefore, the HFSS simulations and the equivalent circuits in [108] performed
are for the frequency range of 1-2 THz. At lower frequencies (below 1.5 THz),
the differences between the HFSS results and the equivalent circuit used the
fine-tuned element values become noticeable. So it is necessary to re-examine
the linear equivalent circuit for multiplier applications in the frequency ranges of
interest. Also due to some changes made on the diode structure during fabrica-
tion, the equivalent circuit for the planar diode has been modified as shown in
Figure2.17. A 30-pm thick quartz substrate is used instead of 25 ym.

Simulations at frequencies from 200 GHz to 1.5 THz have been done and
post-processes as well as the three-port extraction techniques are performed on

the s-parameters to remove the effect of adding the rectangular coaxial waveguide

(|
H
C; 0.6fF
A — A
Rs 140 R; 75Q
[l
il
0.41{F

Fig. 2.17 The modified equivalent-circuit of the planar Schottky diode used in the multiplier
diode-grids.
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portion. The HFSS version 3.0 is used to provide the required loads - a short
circuit, an open circuit, and a matched load. We used the resistor-type boundary
condition at the port 3 as a matched load.

Two quarter-piece waveguides are used in HFSS, shown in Figure2.18, to
simulate the top half structure where the anode contact-finger has a width of
1 pm, and the bottom half where the cathode contact-finger has a width of 2 ym.
The length of the anode finger is 7 ym and the cathode finger is shortened to 5 um
responding to the real physical length. The extra inductance contributed by the
center conductor of the coaxial waveguide inserted into the unit-cell waveguide is
deducted later. A piece of GaAs is placed behind the metal at the driving point
to imitate the n-GaAs exposed around the diode. The GaAs piece has a relative
dielectric constant of £,=13.1 and a thickness of 3 um.

Figure2.19 shows (a) the unit-cell structure and (b) the corresponding fine-
tuned equivalent-circuit elements. The total inductance contributed by the

contact-fingers is 4.9 pH and the shunt section of the bow-tie transmission line

GaAs B
LElectri(: wall —~— Rectagular

®)

Fig.2.18 Two quarter-piece unit-cells are used in HFSS to simulate (a) the top half structure
where the anode contact-finger has a width of 1 um, and (b) the bottom half where the cathode

contact-finger has a width of 2 ym.
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Fig. 2.19 (a) The unit-cell waveguide analysis for the diode grids, and (b) the equivalent circuit.
The total inductance contributed by the contact-fingers is 4.9 pH and the shunt section of the
bow-tie transmission line has an mmpedance of Zgy =121 and an electrical length of 67 =30.6°

at 1 THz.

has an impedance of Zgr =121 Q and an electrical length of 657 =30.6° at 1 THz.

Figure 2.20 shows the s-parameters plotted on a Smith Chart from 200 GHz
to 1.5 THz for HFSS simulation results and the results from the equivalent circuit

of Figure2.19(b) with a short-circuit load at port 3.

The equivalent circuit used for the planar Schottky diode, shown in Fig-
ure 2.17, is incorporated with the embedding impedance of the grid and the esti-
mated reflectance and transmittance of the diode grids are shown in Figure 2.21.
Although the junction-resistance in this equivalent circuit is estimated for 1 THz
and it may vary from 300 GHz to 1.5 THz due to the skin effects, it is used before
a more accurate theoretical model can be presented. The reflection for the input
frequency, 500 GHz, is —3.1dB and the transmission for the second-harmonic

frequency, 1 THz, is —7dB without impedance tuning or filters.
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200GHz

Fig. 2.20 The s-parameters plotted on a Smith Chart from 200 GHz to 1.5 THz for HFSS simula-
tions () and the results from the equivalent circuit (solid lines) in Fig. 2.19(b), with a short-circuit

load at port 3.
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Fig. 2.21 The estimated reflectance and transmittance of the diode grids. The equivalent circuit
used for the planar Schottky diode is in Fig.2.17. The reflection at 500 GHz is —3.1 dB, and the

transmission at 1 THz 1s —7 dB without impedance tuning or filters.
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2.14 DC I-V RELATIONSHIP

The RF equivalent-circuit element-values for the planar Schottky diodes
strongly depend on the operating frequencies, pumping power, temperature and
biasing conditions. Some models have been developed [133], however, can only
provide limited information for the circuit elements which are decided without
considering the parameters mentioned above. Due to the lack of information,
DC element values are often used to allow us initiating the design and analy-
sis for THz frequencies. These values used, of course, can only provide us an
approximation and a feeling how the circuits will perform at RF and will vary
significantly due to the skin effect, local temperature and the change of barrier

heights with different bias or pumping power.

Figure 2.22(a) shows a typical I-V curve measured on one of the diodes with

bias between —5.4V and 1V. Figure2.22(b) shows the I-V relationship from
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(a) (b)
Fig. 2.22 (a) A typical measured DC I-V curve from -5.4V to 1V and (b) DC IV relationship
for forward bias. The measured data is shown by (s). The solid curve indicates a fitted I-
V characteristic for diodes with an ideality factor #n =1.1925 and a saturation current Is =

1.3x1071° A.
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0.65V to 1V and the solid line indicates the fitted I-V characteristic for diodes:

I=Is(e™r —1) (2.15)

where I is the saturation current, Vr is the thermal voltage which is 25.2mV at
20° C and 7 is the ideality factor for diodes. The ideality factor can be calculated
by n = AV/(In(10)Vr) where AV is the voltage change for a decade change in
current. The fitted I-V characteristic is plotted with the ideality factor n =1.1925
(AV =75mV for a change of current from 10 yA to 100 zA) and the saturation
current Ig = 1.3 x 10716 A.

The diode junction resistance can be expressed by

1 '17VT
fi=or™~7
e/

(2.16)

assuming the diode is strongly forward-biased. For a forward current 0.4mA
with V =0.86V, the DC junction resistance is estimated to be 75, which is
indicated in Figure2.17.

The series resistance, E;, can be derived from the DC I-V curves, given by

V—IR

I=Ig(e ™) (2.17)

where R, may vary in different I-V regions. We measure the R, with a current
of 1.5mA and use an average value, 142, in the equivalent circuit shown in
Figure2.17.

Table2.1 shows the DC parameters for four different diode-grids. These
parameters are obtained by probing each diode on the grids and averaged among
the working diodes. In this table, R, is the series resistance; V, is the knee voltage
with 1A current; AV is the voltage change for a decade change in current (I
changes from 10 gA to 100 gA); and Vrev. is the reverse-biased breakdown voltage
with 1 pA current.



66

Anode
Grid Yield R, V, AV VRev.
Diameter
) | @ | (@ | @V | @) | W
1 0.56 100 13 | 725 75.5 5.6
2 0.5 100 15.2 730 75 5.42
3 0.5 94 16.1 732 76.2 5.92
4 0.5 83 10.8 699 81.6 2.77

Table 2.1 The DC parameters of diode-grids. R, is the series resistance. V, is the knee voltage
with 1 pA current. AV is the voltage change for a decade change in current (I changes from

10 #A to 100 pA). VRev. is the reverse-biased breakdown voltage with 1 uA current.

2.15 C-V RELATIONSHIP

In most of the cases, Schottky diode multipliers are reverse-biased to increase
the frequency multiplying efficiencies since the diodes are designed as varactors.
However, these diodes are originally planned for use as sideband generators and
designed to be used under forward bias. Thus, these diodes have very thin
epitaxial layer and the capacitance does not change significantly with reverse
bias. Therefore, the frequency multiplication in these diode grids possibly comes
from varistor multiplication, that is to say, from the nonlinear I-V relationship.

The junction capacitance at zero-bias, Cjp, can be calculated by

Co = 5’5"” AL ——) (2.18)
where ¢, is the relative permittivity of GaAs; ¢, is the permittivity in vacuum; r
is the diode radius; d is the depth of the depletion layer at zero-bias; and b is the
edge-effect factor calculated numerically [144]. For GaAs, the edge-effect factor
1s 1.5.

Louhi [151] suggested an extra second-order correction term should be added
to decide the junction capacitance for submillimeter wavelengths:

ErELTT? d d?

Cro = 2= (14 b~ + by ) (2.19)

where b, =1.5 and b, =0.3.
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The depletion depth, d, can be expressed as a function of bias as

2e,€,
= ; A 2.2
d \/qu(VL+V) (2.20)

where ¢ is the electronic charge; N, is the doping density in the depletion region,
which is 4 x 1017 em™3; 14; is the built-in potential; and V; is the reverse bias
applied to the diode which is zero when calculating Cjo. The W; is defined as
the potential difference between the top of the Schottky barrier and the edge of

the depletion region where no bias is applied and can be determined by

Vi)i = Xm - Xs (2.21)

where X, and X, are the work functions of the metal and the doped GaAs,
respectively.

The junction capacitance of the diode at zero-bias, Cjo, is estimated to be
0.4fF. There is a parasitic capacitance between the contact-finger and the active
area, which is indicated as Cy in Figure 2.7, in parallel with the C;. Cy can be
decided by

(2.22)

where ¢, is the relative dielectric constant of SiOs; d is the height of the SiO,
layer under the finger; and A is the contact area decided by the finger width
and the distance between the diode and the edge of the surface channel. Cy is
estimated to be 0.2fF. Therefore, the total junction capacitance at zero bias is
estimated to be 0.6 fF as shown in Figure2.17.

C-V curves are measured by probing each diode in an array when other
diodes are still connected with the one probed. The testing RF frequency is
1MHz. The average capacitance of the diodes on the edge of the array stays
the same (about 10fF) when the bias changes from +0.4 V to —6 V. The average
capacitance of the diodes in the center of the array varies from 19.2fF to 18.4f{F
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as the bias changes from +0.4V to —6V. These capacitances are much bigger
than the estimated junction capacitance. The discrepancy is due to the fact
that these diodes are still connected and therefore the measured capacitance is a
result of all shunt capacitance in the array and the varactive capacitance is not

significant to change it when the bias changes.

2.16 MEASUREMENTS

The measurements use the free-electron laser (FEL) as the input source in
the Quantum Institute at the University of California , Santa Barbara. The free-
electron laser is driven by high quality, relatively low energy electron beams from
a recirculating electrostatic accelerators and capable of generating kilowatts of
polarized radiation tunable from 120 GHz to 4.8 THz with a pulse width varied
from 1 to 10’s us depending on the recirculation of the accelerator/electron beam
line [145,146].

The measurement setup is shown in Figure2.23. All of the components are
aligned by a He-Ne laser. The spot size of the He-Ne laser at the focal point
where the grid located i1s about 2mm in diameter. The spot size of the He-Ne
laser onto the bolometer is also about 2mm in diameter which is smaller than
the diameter of the waveguide-array filter window.

A certain fraction of the input power in the incident beam is split off into
a reference detector. The beam splitter conserves the polarizations. A pyroelec-
tric detector is used as the reference detector. The radiation from FEL then
is focussed by an f/1.6 parabolic mirror at normal incidence on the grid. The
distance between the focus of the mirror and the grid, L,, is 15c¢cm. The input
power is varied by inserting plexiglass attenuators before the beam splitter. The
plexiglass attenuators also conserve the polarization.

The harmonic radiation from the grid is collimated by an f/1 parabolic
mirror and propagates over 51 cm. The distance between the grid and the focus

of the mirror, L;, is 11 cm. A metallic-mesh Fabry-Perot interferometer in the
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collimated beam is used to measure the frequency content of the radiation from
the grid. The diameter of the interferometer is 15 cm which covers the entire
collimated beam. Then the collimated beam is refocussed onto a liquid-helium-
cooled Germanium bolometer by a parabolic mirror with an f number of 1. The

distance between the mirror and the bolometer, L. is 12.8 cm. All three parabolic
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Fig. 2.23 Experimental arrangement.
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mirrors are made of brass and polished down to 1-um grit.

The bolometer has a theoretical responsivity of 10° V/W with a 200-us re-

sponse time. The transmittance of the input polypropylene window is 0.9 and

that of the internal quartz scatter filter is 0.7. There is a winston cone placed

as close as possible to the input window to collect the radiation and guide it to

the small-area detector. The acceptance angle of the winston cone is +14° with

an acceptance diameter of 17.2mm. A waveguide-array cutoff filter is used as a

high-pass filter and attached on the input window of the bolometer. The circular

waveguides have a diameter of 200.7 um and a length of 1.02mm. The diameter

of the array 1s 5.08 mm. Figure 2.24(a) shows the measured transmittances of the

high-pass filter from 300 GHz to 1.5 THz. The transmittance at 1 THz is 0.76.

The attenuation is more than 60dB at 500 GHz which is measured separately by
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Fig. 2.24 Measured transmittances of (a) the waveguide-array filter and (b) the low-pass filter

as a function of frequency. Courtesy of Andrea Markelz in the Department of Physics at the

University of California, Santa Barbara.
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tuning the FEL to 500 GHz.

An 8-layer metal-mesh filter is used as a low-pass filter on the input side.
It has an attenuation more than 17dB at 1 THz and a transmittance of 94% at
500 GHz. Figure 2.24(b) shows the measured transmittance of this low-pass filter.
During the measurements, this filter was replaced by a better metal-mesh filter
which has an attenuation more than 60dB at 1 THz and a transmittance of 20%
at 500 GHz. However, the transmittance curve as a function of frequency for the
better low-pass filter is not available and the transmittances are only measured
at 1 THz and 500 GHz.

Because of the strong attenuation caused by water absorption in the air,
transmittance is measured by using FTIR techniques at room temperature in
order to avoid waterlines and simplify the measurements. Figure 2.25 shows the
measured transmittance in the fundamental frequency ranges, second harmonic
frequency ranges and the third harmonic frequency ranges. At 500 GHz, 1 THz
and 1.5 THz, the transmittances are 1, 0.96 and 1, respectively. Preliminary
measurements were done at room temperature with humidity of 60%. Later the
entire chamber was dehumidified to verify that the measurements are not suffered

from water absorptions.

2.17 INPUT PULSES

The input pulses are first measured by switching the Pyroelectric detector
to the fast setting (Figure2.26). The average pulse-width at the fundamental
frequency is 2.42 us with a repeating rate of 0.75Hz. The variance of pulse-
widths is within 0.1 ps.

The Pyroelectric detector then is switched to the slow setting in order to
increase the sensitivity. First, the FEL is tuned to the fundamental frequency,
fo, to measure the total incident energy on the focal plane with an electrically
calibrated photoacoustic detector, which an absolute calibration of energy exists,

manufactured by Thomas Keating Ltd.. Then the responsivities of the second
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Fig. 2.26 A typical input-pulse shape in time domain: (a) in 100 ps span, and (b) in 10 s span.
The average pulse-width i1s 2.42 us.

harmonic and the third harmonic energy are decided by tuning the FEL to 2 fo
and 3 fo and measuring the bolometer responses through the high-pass filter, rel-
ative to the responses of the photoacoustic detector. Because the response time of
the Germanium bolometer is much longer than the pulse width, the output volt-
age response of the bolometer is actually corresponding to the detected energy.
Therefore, an absolute calibration of the peak energy responsivity is established.
Unfortunately, the Pyroelectric detector is not sensitive enough to detect the
higher harmonic pulses generated by the multiplier grids when it is switched to
the fast setting, we are not able to decide the output pulse widths. Therefore, we
use the input pulse-width, 2.42 us, to calculate the input peak power and output
peak power by dividing the detected peak energy by this pulse width.

It should be emphasized that all the powers mentioned in our measurements
are “peak powers” calculated by dividing the measured peak energies with the

input pulse-widths. If the output pulse-widths were known, the output peak



74

powers should be obtained using the output pulse-widths. It is expected that the
higher harmonics generated by the multipliers should have pulse-widths narrower
than the input pulses. However, we choose to be more conservative.

A liquid-helium-cooled silicon composite bolometer [35] or a liquid-helium-
cooled InSb bolometer is suggested for future works because they might be sensi-
tive and fast enough to measure the output pulse-shapes to determine the output

power directly.

2.18 TiIME-DOMAIN RESPONSES

Four different diode grids have been tested. These diode grids are glued
on the edges of microscope glass slides with evaporated-gold bias-lines and sus-
pended in the air as shown in Figure2.27. The glass slides have a thickness of
160 pm.

Time responses of the harmonic signals from the grid are first measured.
Figure 2.28 shows the output voltage of the bolometer as a function of time.
Each curve is an average of 4 pulses. The solid lines indicate the output signals
with the grid in the path pumped by four different input power levels - 0dB,
3.8dB, 5.8dB and 7dB attenuations. The dashed line is measured without the
multiplier in the path and 0-dB input power attenuation. This measurement
shows the harmonics are radiated from the multiplier grid instead of the harmonic

leakage from the free-electron laser. The free-electron laser normally contaminate

Fig. 2.27 Details of the mounting structure.
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Fig. 2.28 Normalized output voltage of the bolometer as a function of time.

with higher harmonics. However, the plexiglass attenuators behave like low-pass
filters which attenuate the higher harmonics much faster than the fundamental
signal. The 0-dB attenuation reference here is actually set with enough plexiglass
in front of the beam splitter so that there is no output signal detected by the
bolometer when the multiplier is removed from the path. Then extra attenuations

are added to measure the time responses with different input signal levels.

2.19 POLARIZATIONS

Another way to show that the THz radiation comes from the multiplier
rather than the FEL is to rotate the grid by 90° and measure the cross-polarized
signal. Figure2.29 shows the time responses. The solid line is measured with
the electric field parallel to the diodes and the dashed line is measured with the
electric field perpendicular to the diodes. This result shows that

1. The signals from the FEL and the grid are linearly-polarized.
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2. The bow-tie metal structures on the grid work as linearly-polarized antennas
and couple signal into the diodes. The harmonic signals are not generated
by just pumping high energy on GaAs in the device.

3. The harmonic signals are not the harmonic contaminations from the FEL.

2.20 FREQUENCIES

A Fabry-Perot interferometer is used to verify the signal frequencies. The
metal-mesh plates can be positioned in 0.7-pm increments. Figure2.30 shows
the fundamental frequency from the free-electron laser after passing the low-
pass filter but without the high-pass filter; and Figure2.31 shows the output
frequency from the grid after passing the high-pass filter. These figures only
show parts of the measured curves. The average distance between two peaks

in the output-frequency measurement is 301 um over 14 peaks. This indicates



the output frequency is 1.00 THz.

4

No higher harmonics have been detected.

The average distance between two peaks in the input-frequency measurement is

603 pm over 9 peaks. This indicates the input frequency is 500 GHz.
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2.21 INPUT POWERS

To decide the input power on the grid at the focal plane, the multiplier is
used as a detector to measure the spot size of the focussed laser beam. Figure 2.32
shows the normalized power contour in the focal plane. The second harmonic
signal is measured by moving the multiplier in # and § directions. Then the input
power at the fundamental frequency is derived from the square-power relationship
which is verified by the power-dependence measurements later. Each data point
in this figure is an average value of ten pulses. The input power on the grid,

when the grid is well focussed, then is determined by:

Active area (420um x 420um)

fo(a:,y)dx LP(a:,y)dy

Pmi Pmi/

x Pa (2.23)

where the P, is the total fundamental power detected by the reference detector,

P, and P, are the maximum peak input powers in # and §, respectively.

4f

-

P Tas e T V2 P gy N e V)

4

Fig. 2.32 Input spot-size measurement at the focal plane using the multiplier as a detector.
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2.22 OuTPUT POWERS

Figure 2.33(a) shows the power dependence of multiplier #1 with normal
incidence. This diode grid has diodes with an anode diameter of 0.56 ym and
100% yield. The dashed line indicates a square-power relationship. A peak
output power of 330 uW at 1 THz is achieved when the diode grid is pumped with
an input power of 3.3 W at 500 GHz. Figure 2.33(b) shows the power dependence
of multiplier #4 with normal incidence. This diode grid has diodes with an anode
diameter of 0.5 um and 83% yield. The failed diodes are open-circuited, verified
by an I-V curve tracer. The dashed line indicates a square-power relationship.
With low input power, the data do not follow the square-power relationship,
possibly due to measurement noise. It should be noticed that these diodes have
not yet saturated. We tried to increase the input power in order to investigate
the saturation conditions. However, some of the diodes are damaged when the
input power reached 13 W. These damaged diodes are open-circuited, verified by

a curve tracer too.
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Fig. 2.33 (a) Measured power dependence of multiplier #1, and (b) multiplier #4. The diodes

are not biased. The dashed lines indicate a square-power relationship.
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We improved the data acquisition method to investigate the power depen-
dence with low input power. Each pulse is integrated to reduce noise effect.
The output voltages from the bolometer and the pyroelectric detector are syn-
chronized with the FEL trigger signals. The noise offset is first obtained by
integrating the output signal of the bolometer over 50 us before the trigger signal
comes in. The peak output power with noise effect is obtained by integrating
the output signal of the bolometer from the instant that trigger signal comes in
to the instant that the output signal reached the maximum and then dividing
the integrated signal by the integrating period. The peak output power then is
obtained by subtracting the peak output power with noise effect by the noise

offset. This same procedure is done for each pulse.

Because some of the diodes got damaged in these grids, we used new devices.
Figure 2.34 shows the power dependence with normal incidence in a linear scale.
These grids have diodes with an anode diameter of 0.5 um. The solid line indi-
cates a square-power relationship. Figure 2.34(a) shows the power dependence of

multiplier #3 which has 2 open-circuited diodes in two different columns. Fig-
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Fig. 2.34 (a) Measured power dependence of multiplier #3, and (b) multiplier #2.
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ure2.34(b) shows the power dependence of multiplier #2. This diode-grid is
100% yield. With an input power of 800 mW, this multiplier generated a peak
output power of 45 uW while multiplier #3 generated an output power of 20 uW.
It should be noticed that two open-circuited diodes in multiplier #3 cause two
open-circuited columns which result in 83% yields and the maximum output
power is degraded by 56%. These diodes have not saturated yet and some of
the diodes are damaged when the input power is increased to 4 W. It should be
noticed that the data with low input power follows the square-power relationship

after reducing the noise effect.

2.23 PATTERNS

2.23.1 MEASURED PATTERNS

The diodes in the top and bottom halves of the grid have opposite polarities
because the grid was originally designed for a sideband generator. When the grid
is used as a frequency doubler, this causes an undesired null in the middle of the
output beam. Output pattern is measured to verify the existence of the null in
the center of the far field pattern. The measurements are done by rotating the
multiplier itself, as shown in Figure 2.35(a).

Figure 2.35(b) and Figure 2.36 show the measured output patterns of multi-
plier #1 and #2, respectively. The peak input power is 300 mW. Peaks appear at
42° and 26° from the center with a power of 3.2 times and 2.3 times bigger than
the power in the null, respectively. The accuracy of this measurement is limited
by the uncertainty in the position of the rotating axis. The error of mounting
the grids on center of the rotating axis is about 200 um through a microscope.
The asymmetry of the output pattern may be caused by the off-axis rotating
effect or by the fact that the diodes in one array are not completely identical.
The bolometer has a receiving horn with an acceptance angle (£14°) and only

10% of the total radiated power is accepted at normal incidence.
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2.23.2 THEORETICAL PATTERNS

There are three main factors to decide the output patterns: the antenna
pattern of the bow-tie with contact-fingers; the effect of flipping the diode ori-
entations across the center row; and the finite angle of the receiving horn at the

bolometer.

2.23.2.1 UNIT-CELL PATTERN

The radiation patterns of a bow-tie with finite length and infinitesimal thick-
ness on a lossless half-space dielectric substrate has been discussed by Compton

et al. [147]. This method, although a rigorous analysis using the method of

%
o

Fig. 2.37 The simulation structure of the bow-tie with contact-fingers for the antenna far-field
patterns using HFSS version 3. The antenna driving points are fed by a coaxial rectangular
waveguide. The center conductor connecting to the bottom part of the bow-tie is bent to avoid
the contact of the center conductor on the outer conductor of the coaxial waveguide. The modes in
the coaxial waveguide are excited by the port in the end of the center conductor in the waveguide.
There is a short section of a rectangular cavity (with electric wall in the end) attached to the

coaxial waveguide to terminate the waveguide.
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moments, does not need to apply in our cases. First, the bow-ties have contact-
fingers connected to the driving points and the lengths of the fingers are not
very small compared to the bow-ties. The approximation using bow-ties antenna
patterns may not be accurate in this case. Second, the quartz substrate is very
thin compared to the wavelengths (30 pm= 0.1);, = 0.19X,40rt2 ), so the effect
of the substrate will not be significant. Therefore, exploring the use of HFSS
version 3 to calculate the far-field patterns may be a quick and simple option.
With Release 3.0 of HFSS, a new radiation boundary type is available on defining
boundary conditions to model radiating structures characterized by outgoing and
propagating waves and eliminates the need for a spherical-shaped outer bound-
ary closure. Then the radiation pattern is calculated from a near-field to far-field

transformation.

Figure 2.37 shows the structure of the bow-tie with contact-fingers for far-
field pattern simulations. The antenna driving points are fed by a coaxial rect-
angular waveguide with the center and the outer conductors connecting to two
fingers. The center conductor connecting to the finger in the bottom is bent to
avoid the contact of the center conductor on the outer conductor of the coax-
ial waveguide. The modes in the coaxial waveguide are excited by the port by
the end of the center conductor in the waveguide. There is a short section of a
rectangular cavity (with electric wall in the end) attached to the coaxial wave-
guide to force the port fields radiating only into the coaxial waveguide, but not
the free space. There is a small opening in the substrate to allow the connec-
tion of the coax to the antenna. We can specify the impedance of the coaxial
waveguide by adjusting the permittivity or the permeability of the material filled
in the waveguide to match the antenna impedance. The big rectangular enclo-
sure of the entire structure is specified as absorbing boundary to allow the wave

propagating into free space.

This is our first attempt to use the finite-element method for far-field pattern
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calculations, to verify the accuracy of the HFSS solutions, a simple test is done
by comparing the solutions from the finite-element method and the solutions
from a far-field analysis for a free-standing bow-tie antenna. Figure 2.38 shows
(a) the simulation structures in HFSS and (b) the analytic far-field calculations.
To find the radiating pattern for the bow-tie, we assume an impressed electric
current flows on the bow and the current density can be expressed as [147]

Io/’r‘ f

sin2¢ — sin%y (2.24)

J(r,¢) =

where I, is the total current; ¢ is the angle of the bow which is 45°; r and ) are
the distance and the angle from the current element to the apex, respectively;

and 0 < ¢y < ¢. The vector potential A then can be solved as

—3k-R
A= ﬁ//s.](r,iﬁ)e —dr dy (2.25)

where R is the distance from any point in the metal to the observation point.

Far-field conditions are applied and the electric fields can be approximated by

@ ®

— /

Fig.2.38 (a) HFSS structure for radiation-pattern calculation and (b) notation for far-field

analysis.
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E, =% —jwA and Ez = 0 which lead to the radiating pattern on the H-plane:

|E |~ Ccos’6 (2.26)

where 6 is the angle from the Z-axis on the Z — Z plane and C is a constant.

Both results of using the HFSS pattern simulation and the far-field analysis
are shown in Figure2.39. The agreement is excellent except some discrepancies
from +60° to +90° which might be caused by the bent connection from the center
conductor of the coaxial waveguide to the bottom part of the bow-tie.

The results for a free-standing bow-tie convince us to compute the radia-
tion patterns for bow-ties with contact-fingers using the finite-element method.
Figure 2.40(a) shows the radiation patterns of the bow-tie with contact-fingers
in two different absorbing boundary enclosures. The quartz substrates are as-
sumed to be zero in these cases. The smaller enclosure has a dimension of
210x210x210 pm? (the unit-cell size of the grid is 70 umx70 um) and the big-
ger one has a dimension of 900x900x900 um? (the wavelength of 1 THz in free

space is 300 um). The patterns are almost the same which allows us to reduce
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Fig. 2.39 The radiation patterns for a free-standing bow-tie antenna calculated by HFSS and an

analytic form.
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the size of the structure to shorten computation time and reach a better con-
vergence. Figure2.40(b) shows the antenna patterns on the metal side with four
different substrate thickness’s. The antenna patterns on the metal side do not
change significantly when the substrate thickness changes from 0 gpm to 500 um,
but change dramatically from 500 ym to 5mm. The pattern are almost identical
for the one without substrate and the one with 30-um thick substrate. These
calculations are to confirm the pattern calculation for the 30-um case. Because it
is very thin compared to the wavelength and some dimensions in the structure,
it createé much more finer-meshes as applying the finite-element method and
takes much more computation time but results in a poor convergent condition.
The calculations for the one without substrate and the one with 500-pm thick
substrate, however, reaches good convergence. Therefore, we can conclude that
the radiation pattern for the 30-pm thick quartz substrate should be accurate

enough to estimate the antenna pattern of the bow-tie with contact-fingers on

our grids.
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2.23.2.2 ARRAY FACTOR PATTERN

Three infinitesimal current elements on one side are assumed to have an
opposite phase from the other three elements on the other side of a linear array

to calculate the array factor as shown in Figure2.41(a). The spacing between
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Fig. 2.41 The theoretical and measured output patterns of multiplier #1. The array factor with

the effect of the limited receiving angle is also shown in the double-dashed line.
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elements is 70 yum. The normalized array factor is determined by [148]

sin( -a%ﬁ sin 9)] 2 [sin ( 3kod

2
sin 6) (2.27)
sin( -kJQLd sin ) 2 ]

A8) = [
where 6 is the angle, d is the spacing and the propagation constant ko = 27 / A
where Ao is the wavelength, 300 um.
The receiving horn in the bolometer has an acceptance angle of +14°. There-
fore, taking both the antenna array factor and the finite acceptance-angle effect
into account, the array-factor pattern is calculated by

¢+14°
P(¢) = /¢ A(6)dS. (2.28)

—14°

2.23.2.3 THEORETICAL OUuTPUT PATTERN FOR THE GRID

The double-dashed line in Figure2.41(b) shows the calculated one-
dimensional array-factor pattern from Eq.(2.27) and (2.28). Combining both
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Fig. 2.42 The theoretical and measured output patterns of multiplier #2.
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the antenna pattern for the bow-tie with fingers and the array factor with the
effect of finite receiving angle, the calculated output patterns and the measured
patterns are shown in Figure2.41(b) for the multiplier #1 and Figure2.42 for
the multiplier #2, respectively.

2.24 LENS

Several focussing lenses are used trying to correct the output patterns in
order to collect more output powers. These lens are placed between the output
side of the multiplier and the second parabolic mirror. These measurements are
rough due to the availability of the lenses, however, done to verify the possibility
of using lens to correct the output patterns.

Lens #1 is a plano-convex fused silica lens with a center thickness of 1.6 cm
and a diameter of 2.5 cm. Figure 2.43(a) shows the average (over 4 pulse) time-
responses of the bolometer output voltage with the lens placed as close as possible

to the grid; with the lens as close as possible to the mirror; and without the lens
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Fig. 2.43 (a) The time responses of the bolometer output voltage with and without lens #1. (b)

The time responses of the bolometer output voltage with and without lens #2.
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in the path. The lens is moved between the grid and the mirror, but the output
signal is always smaller than that without lens.

Lens #2 is a plano-convex x-cut quartz lens with a center thickness of 5mm
and a diameter of 1.1 cm. Figure2.43(b) shows the average (over 4 pulse) time
responses of the bolometer output voltage with the lens placed 6 cm away from
the grid which gives the maximum output, and without the lens in the path.
The average peak-voltage over 64 pluses is 36.56 mV with the lens and 25.5mV
without the lens.

Lens #3 is a symmetric-convex fused quartz lens with a center thickness of
7.5mm, a focal length of 10mm and a diameter of 5mm. The average output
voltage over 8 pluses is 13.8 mV with the lens placed at the optimized position to
collect maximum output power at the bolometer and 28.4 mV without the lens.

Lens #4 is a symmetric-convex fused quartz lens with a center thickness
of 3mm, a focal length of 15mm and a diameter 7.5mm. The average output-
voltage over 8 pluses is 18 mV with the lens placed at the optimized position to
collect maximum output power at the bolometer and 35mYV without the lens.

Lens #5 is a symmetric-convex TPX (poly-4-methyl-pentene-1) lens with a
thickness of 5mm and a diameter of 2.5 mm. The relative dielectric constant of
TPX is about 2.7. The transmittance of a 0.5 mm thick TPX slab is 93% at 1 THz
and 93% at 500 GHz [150]. To compare, the transmittance of a 0.56 mm thick
fused-quartz slab is 66% at 1 THz and 81% at 500 GHz. The average output-
voltage over 64 pluses is 68.8 mV with the lens placed at the optimized position
to collect maximum output power and 42.8 mV without the lens. This lens
clearly changes the output power pattern, however, we are not able to measure

the output pattern due to the current experimental arrangement.

2.25 TUNING

In previous measurements, the input or output tuners are not used so that

neither the input nor output impedances are matched to achieve the optimal har-
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monic generations. It is concluded from the past experiences that the impedance
tuners are essential to achieve high efficiency [108,113,116]. A pair of dielectric
slabs (fused quartz slabs) were used as impedance tuners in Jou’s multipliers [113]
and in Liu’s multipliers [116] which are similar to the tuner in Archer’s quasi-
optical waveguide multiplier design [64]. The slabs behave in a similar manner
to the double stub tuner in a coaxial line or a waveguide. The slab thickness
should be a quarter-wavelength at the fundamental frequency for the input tuner
and a quarter-wavelength at the second harmonic frequency for the output tuner.
However, neither fused-quartz slabs with a thickness of 38.1 um (1/4\17g.) nor
low-doping silicon slabs with a thickness of 21.6 um were available as output
tuners during the measurements, we used a variety of fused-quartz slabs and

low-doping silicon slabs with different thickness’s instead.

2.25.1 INPUT-SIDE TUNING

The low-pass filter is moved away from the grid to leave a spacing of about
1cm between the grid and the filter for the tuning slab. The tuning slabs are
mounted on a micrometer and placed as close as possible to the grid. A He-
Ne laser is used to examine the closeness of the tuner to the grid and avoid
them touching. Because the grid is suspended on the edge of the glass slide, the
motion from the motor attached to the micrometer might vibrate the grid if the
slab touches it.

A low-doping silicon slab with an average thickness of 290 pm is used. The
resistivity is more than 2500 §2- cm. Peak output power is measured as a function
of relative spacing between the grid and the slab as shown in Figure2.44. The
input power is about 600 mW assuming the slab doesn’t change the input spot
size. There are ten pulses at each position and the solid line indicates the average
values over 10 pulses. The dashed line indicates the average peak output power
of 23 uW over 60 pluses which is measured without the tuning slab and with the
low-pass filter 1cm away from the grid. The highest output power is 30.5 uW
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Fig. 2.44 Measured output power as a function of the relative spacing between the grid and the

silicon slab. The average thickness of the silicon slab is 290 um.

which is 1.3 times bigger than that without the tuning slab.

Another low-doping silicon slab with an average thickness of 338 pm is used.
Peak output power is measured as a function of relative spacing between the
grid and the slab as shown in Figure2.45. The solid line indicates the average
values over 10 pulses. The dashed line indicates the average peak output power
of 11.8 uW over 55 pluses which is measured without the tuning slab and with

the low-pass filter 1 cm away from the grid.

It should be noticed that the average period for the output power peaks

over the last four major periods is 310 um, which is about half the wavelength of
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Fig. 2.45 Measured output power as a function of the relative spacing between the grid and the

silicon slab. The average thickness of the silicon slab is 338 pm.

the fundamental frequency. The tuning curves show a combination of two effects
because the input filter is part of the matching circuit for the output signal.
The Fabry-Perot etalon effect between the tuning slab and the low-pass filter
interferes with the etalon effect between the tuning slab and the grid. When
the slab moves away from the grid, the etalon effect between the slab and the
filter dominates and shows periods of half the wavelength of the fundamental
frequency. When the slab moves closer to the grid, the etalon effect caused by
the backward-propagating 1-THz signal from the grid starts to interfere. Within
the relative spacing of 1500 ym, the average spacing between two peaks over the
first 9 periods (regardless the heights of the peaks) is 150 yum which is half the
wavelength of the second harmonic frequency. The tuning curves also show that
the diffraction effects need to be considered as we design a multiplier system with
tuning elements. A more compact and flexible arrangement will help to reduce

the diffraction losses.

A fused quartz slab with an average thickness of 135 um is used too. Peak
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output power is measured as a function of relative spacing between the grid and
the slab as shown in Figure2.46. The solid line indicates the average values over
40 pulses. The dashed line indicates the average peak output power of 13.6 yum
over 60 pluses which is measured without the tuning slab and with the low-pass
filter 1cm away from the grid. The average period for the output peaks over
the last four major periods is 310 um, which is about half the wavelength of the
fundamental frequency. This curve also shows the combination of the etalon effect
between the tuning slab and the low-pass filter, and the etalon effect between
the tuning slab and the grid. However, the etalon effect between the tuning slab
and the grid is not obvious in this measurement because the dielectric constant

of the fused quartz slab is much smaller than that of the silicon slab.

The low-pass filter which is a reflective filter can also be used as a tuning
element by changing the spacing between the filter and the grid. Figure2.47
shows the measured output power of the second harmonic signal as a function

of the relative spacing between the grid and the low-pass filter. Each point in
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Fig.2.46 Measured output power as a function of the relative spacing between the grid and the

quartz slab. The average thickness of the quartz slab is 135 um.
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this curve is an average of ten pulses. Unfortunately, there are four screws on
the frame of the filter so that the closest spacing between the grid and the filter
is 2mm (= TA;TH;). These screws couldn’t be removed due to the calibration
for the filter transmittance. Therefore the origin of the relative filter position is
actually 7A;7g. away from the grid. The first two maxima indicate the output
power could be increased from 12 pW to 40 uW by moving the filter closer to the
grid by 400 um. The signal decays quite quickly when the filter moves away from
the grid. The explanation is relatively straightforward. The size of the multiplier
is only 420 ym which is only 1.4 times the wavelength of the second harmonic
signal and 70% of the wavelength of the fundamental signal. As a result, beam
diffraction is very serious in the present configuration. A more compact setup or

a bigger array is essential to reduce the diffraction losses.
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2.25.2 OUTPUT-SIDE TUNING

Impedance tuning at the output side has also been investigated. Several
silicon slabs and fused quartz slabs are used to tune the impedance by placing
them close to the grid and then moving them away from the grid in the output
side. Similar Fabry-Perot etalon effect is observed. However, the output power
levels are always lower than that without tuning slabs. A possible reason is
that the dielectric loss in these slabs cancels out the effect of matching imped-
ance. Another possible reason is that the extra diffraction effects by adding the
slabs scatter out the output power from being collected by the parabolic mirror.
Therefore, a TPX lens is used as a tuning element because a flat, thin TPX slab
is not available at the time. Figure 2.48 shows the measured peak output power
as a function of the relative spacing between the lens and the multiplier. The
lens is placed as closed as possible in the origin of the relative spacing verified by

a He-Ne laser. The solid line is composed of data points which are averaged over
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40 pulses at each position. The dashed line indicates the average peak output
power of 24.6 uW over 230 pulses without the tuner in the path. The maximum
peak output power is 35.5 uW and the power maximum repeated itself with a
period of 300 um which is half the wavelength of the input fundamental signal.
It is also observed that the closer the lens is placed to the array, the larger the
second harmonic power is. This is possibly caused by diffraction effect which is

also observed in {116] and the focussing effect of the lens.

2.26 BIASING

As mentioned before, in most of the cases, Schottky diode multipliers are
reverse-biased to increase the frequency multiplying efficiencies since the diodes
are designed as varactors. However, these diodes are originally planned for use as
sideband generators and designed to be used under forward bias. Therefore, the
frequency multiplication in these diode grids possibly comes from varistor multi-
plication, that is to say, from the nonlinear I-V relationship. C-V measurements
show that the harmonic generations from the nonlinearity of C-V relationship
will not be significant. Biasing tests are done to verify this assumption and try
to increase the doubling efficiency.

The grid is rotated to the angle where the maximum output appears. The
maximum point of the output pattern should be more sensitive to the bias than
the null in the center (with normal incidence) due to that the null is caused by
a cancellation of electric fields from the two halves of the diodes.

Peak output power is measured as a function of bias with a peak input
power of 400mW (Figure2.49). The maximum peak output power is 17 uW
with a bias of 0.375 V. Comparing with a peak output power of 13 uW which is
measured with the open-circuited bias line, it seems biasing only makes a small
improvement in the output power. One possible reason is that these diodes are
self-biased when the bias lines are open-circuited.

Power dependences are measured under different biasing conditions. Fig-
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ure 2.50 shows the measured peak power dependence of the multiplier #1 with
bias —0.1V and 0.234 V. Each data point is an average of 30 pulses. The fre-
quency doubling efficiency at 14.2 yW output power is increased from 1.51x10~°
with a bias of —0.1V to 3.6x107° with 0.234V bias It should be noticed that
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these diodes become saturated with high input power when they are reverse-
biased.

Power dependence is also measured under different biasing conditions on
multiplier #2. Figure2.51 shows the measured peak-power dependences with
bias 0V, 0.136 V, 0.5V and 0.665 V. Each data point is an average of 60 pulses.
The frequency doubling efficiency at 14 uW output power is increased 2.6 times
when the bias increases from 0V to 0.5 V. The power saturations are also observed
when the diodes are biased at zero bias and 0.136 V.

The peak output power contour as a function of peak input power with
different biases from —0.07V to 0.79V is measured and shown in Figure 2.52.
The input power is carefully varied by tilting the plexiglass in front of the beam
splitter in order to achieve higher resolution of the input power levels. Each
data point is an average of 30 pulses. The frequency doubling efliciency increases

significantly as the bias changes from 0.2V to 0.3 V.

2.27 CURRENT SATURATION

Current saturation, which is the maximum current can flow through the
device, is an important factor that strongly affects the multiplier performance
because the diode cross-section is very small for the planar Schottky diodes on our
grids. In our power-dependance measurements with open-circuited bias lines, the
diodes are not saturated. This provides a possibility of increasing output power.
The saturation of output power is mainly determined by the electron velocity
saturation which happens with high electric fields.

In a DC electric field, the maximum electron velocity in GaAs is about
2.2x10°m/s with an electric field of 3.2kV/cm [152]. The electron conduction
current is determined by

ie = q(7r?)N,v, (2.29)

where N, is the doping density and v, is the electron velocity. The saturation
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happens when the current in diode, I, reaches the maximum electron conduction
current, e max.. In our diodes, the estimated saturation current is 2.76 mA.
Louhi et al. [153] and Kollberg et al. [154] modelled the current saturation
on varactor diodes considering the edge effect of the junction capacitance [144]
and the effective series resistances. The models give excellent agreement between
the theoretical results and the measurements on varactor diodes. The saturation

current with the correction factor, v¢, is given by [153]
ie,max. =4q (7rr2) Neve,max"yc (2.30)

where y¢c =1.5 is decided by the edge effect which means that the maximum
current of the diodes depends on the actual transition area between the depleted
and undepleted layers. Using this model, the estimated saturation current is

4.14mA.

2.28 RF CURRENTS

There are three motivations for attempts to measure the RF currents on
the diode grids. First, due to the fairly new developments of the THz surface-
channel planar Schottky diodes, not enough information on the RF behaviors is
available to analyze the RF equivalent-circuits of the multiplier grids. We can
only use DC values such as I-V curves and series resistance, low-frequency values
such as C-V relationship and estimated values such as junction impedances for
the simulation parameters. Second, during the experiments, we noticed that the
thermal effects strongly influence the results and possibly cause damages of diodes
which degrade the output powers. Understanding how much heat dissipates
from the diodes because of the RF currents could help us to avoid the damages.
Third, the knowledge of terahertz dynamics on the devices will benefit us using
harmonic-balance techniques to predict the output powers and efficiencies in

order to optimize the performance.
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RF current measurement arrangement is shown in Figure2.53. The multi-
plier grid is mounted on and one of the diodes is electrically probed by a con-
ventional probe station. The 500-GHz signal is obliquely incident on the grid
due to the equipment limitation. Both the bow-tie and the probe, which behaves
like an antenna, couple the RF radiations into the diode. The diode behaves
like a video detector and rectifies the RF currents to provide a total DC current
as a function of DC bias. The 500-GHz input power is varied by changing the
attenuators and monitored by a reference detector. However, due to the oblique
incidence, the reading from the reference detector can only give a relative value
instead of an absolute incident power. The bias is modulated with a period of
2.22 us and synchronized with the trigger signal of the free-electron laser so that
the bias varies from —0.5V to +0.5V within the 500-GHz pulse widths.

Figure 2.54 shows the results. The input powers are varied with attenuations

of 0dB, 3.8dB, 5dB and 8dB. The curve without RF radiation is also shown.

Fig.2.53 RF current measurement. The 500-GHz signal is obliquely incident on the grid due
to the equipment limitation. One diode is probed with a 450-kHz modulated bias. The trigger
signal of the free-electron laser is synchronized with the modulated bias so that the bias varies

from —0.5V to +0.5V within the 500-GHz pulse widths.
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Although we couldn’t decide the absolute absorbed powers due to the oblique
incidence and the coupling structures, we expect the absorbed powers be in a
“large signal” range. The extra DC currents with negative biases should mostly
come from the 500-GHz input signal and the ones with positive biases should
be combinations of the 500-GHz fundamental signal and higher harmonics. This
explains why the I-V slopes change. The peak RF currents, which should be
V2 x Ipc, added by the RF radiations, are less than 2.7mA and have not reached
the saturation yet.

This measurement didn’t allow us to determine the exact amounts of RF
currents flowing through the diode due to the present experiment arrangement,
more works should be done in the future with proper experimental setup. Ideally
we would like to measure the RF I-V relationship at THz frequencies to determine
the high-frequency behavior of the diodes. However, it seems not practical. One

approach to understand the RF non-linear behavior is to measure the second
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Fig. 2.55 Measurement of RF I-V relationship with small-signal inputs.

derivative of the I-V curves treating the diode as a detector irradiated with a
“small signal” input as shown in Figure2.55.

The non-linear I-V relationship can be expressed as

i = f(Vo +v),
f(v) 10%f(v) 18°f(v)
=1Io + 9 |V=V0 v+ 2 602 ,V=Vo v? 6 9v° |V=Vo vt

(2.31)

where the small-signal voltage, v, is a time-dependent function. Applying a
small-signal v(t) = v, cos(wt), the changes of DC currents will be proportional

to the second derivative of the IV, i o (82f(v)/dv?), at RF frequencies.

2.29 DIODE FAILURE

During the measurements, some diodes got damaged when the grid was
pumped with high powers. For example, the output power degraded from 330 uW
to 200 uW when the pumping power was increased from 3.3 W to 13W. It is not
due to the power saturation because when we reduced the pumping power back
to 3.3 W, the multiplier only generated 110 uW. The entire power-dependance
curve shifts down after the diodes got damaged. The damaged diodes are open-

circuited, verified by an I-V curve tracer. Figure 2.56 shows a photo of a damaged
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diode and a working diode. The contact finger of the damaged diode has been
stripped off from the device, possibly due to the large currents flowing through
the active layer. We also notice that the damaged diodes are mostly located
on the top and bottom boundaries of the array. A possible reason is that the
unit cells on the boundaries do not satisfy the electric-wall boundary conditions
and result in larger RF currents flowing through the diodes. This condition can
be improved by introducing quarter-wavelength horizontal metal-strips as bias
lines to preserve the symmetries assumed in the unit-cell model. The quarter-
wavelength width would transform an open boundary condition into a short one

which satisfies the electric-wall assumptions.

Some changes of I-V curves have also been observed on the diodes which
are not open-circuited. The saturation current is reduced from 1.3x10716 A to

107*~107"* A and the DC series resistances are increased. This degradation may

Fig.2.56 A damaged diode (left) and a working diode (right). The contact finger of the damaged
diode has been lifted off.
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be caused by the formation of a high-resistance layer between the ohmic metal
and GaAs crystal due to the diffusion reaction of the big RF currents [157].

Another possibility for the damage of the diodes is thermal effect. The poor
thermal conductivity of fused quartz substrate (1.4 W/(m-°K) at 273°K) may
cause heating problems. Cooling the multipliers to 77° K with liquid nitrogen or
to 150° K by passive cooling may solve the problems and offer some other advan-
tages [140,141]. The increased mobilities of the free carriers and the decreased
series resistances by cooling the diodes can increase the multiplication efficiencies.
The cooled diode can also reach a higher current saturation which will increase
the maximum output power. Louhi et al. [141] shows that the maximum output
power can be improved by 10 dB for a cooled Schottky varactor diode operated
at 1 THz.

2.30 HARMONIC-BALANCE ANALYSIS (NONLINEAR ANALYSIS)

The classic theory for nonlinear analysis of frequency multipliers and mixers
was studied by Penfield and Rafuse [47] based on ideal varactors at microwave fre-
quencies. Burckhardt [163] further discussed the cases which the varactors have
series resistances and nonideal characteristics. However, for complicated cases
at millimeter or submillimeter wavelengths, where the harmonics are terminated
with different embedding impedances, the simple analysis fails to predict the
performances. For arbitrary nonlinearity, the most convenient analysis method
would be numerical. The equivalent circuit is divided into linear and nonlinear
subcircuits, as shown in Figure 2.57, to perform harmonic-balance analysis. The
linear subcircuit is analyzed in the frequency domain to reach the frequency-
domain solutions that satisfy the external circuit equations, and the nonlinear
subcircuit is analyzed in the time domain to reach time-domain current and
voltage solutions that satisfy the diode conditions. Fourier transform is used be-
tween these two domains and iterations are performed until both domains reach

reasonable convergence. One popular form of the harmonic-balance analysis is
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the multiple-reflection technique introduced by Kerr [164]. In his technique, the
multiplier circuit is divided into linear and nonlinear subcircuits separated by an
inserted transmission line with an arbitrary characteristic impedance. By choos-
ing the length of the transmission line to be an integral number of wavelength at
the fundamental frequency, which would also be integral numbers of harmonic
wavelengths, the steady-state responses will be the same as without the trans-
mission line. The separation allows to treat the frequency domain and the time
domain separately and the conditions of the transmission line should be satisfied

in both domains.

Using this technique, Siegel and Kerr [42,165] developed a computer program
to perform a full nonlinear large-signal analysis of Schottky diodes, used in mul-
tipliers or mixers, with frequency-dependent series-resistances and arbitrary C-V
and I-V characteristics. This program calculates current and voltage waveforms
based on given diode parameters and embedding impedances at the fundamental
and harmonic frequencies, and derives theoretical efficiency and input impedance
at a given operating point where the input power and bias are specified. This
program and modified versions have been widely used in many research groups.
The version we used in this analysis is based on two modified versions written

by Tolmunen {158, 166] and by Choudhury [82,88]. The program is modified to
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Fig. 2.57 Equivalent circuit of a diode frequency multiplier using harmonic-balance analysis [42].
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incorporate the grid embedding impedances and the estimated parameters of the

planar Schottky diode used in our multipliers.

Commercial software is also available to perform the harmonic-balance anal-
ysis. The Hewlett-Packard HP85150B Microwave and RF Design Systems (MDS
6.0) package is also used to perform the nonlinear analysis, with the help of
Dr. Moonil Kim at JPL. The software provides a complete list of symbolically-
defined devices, database-defined devices and nonlinear models of diodes which

allows to perform the harmonic-balance analysis more accurately.

Figure 2.58 shows the equivalent circuit of the grid frequency doubler used
in the harmonic-balance analysis. The diode is specified as a varistor and the
measured DC I-V curve is used due to the fact that the RF I-V is not available.
The measured DC value (14 ) is used for the series-resistance of the diode and
specified as frequency-independent. This may not be true in real cases. The

forward saturation current is assumed to be 4.14mA per diode according to
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Fig. 2.58 Equivalent circuit of the grid frequency doubler using the harmonic-balance method.
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Louhi’s model [153]. The reverse breakdown voltage is assumed to be 5V with
1uA current. A large (1 pH) series inductor is added to isolate the DC bias.
The shunt transmission-line with an impedance of 121 2 and an electrical length
of 30.6° at 1 THz resembles the bow-tie antenna and the inductance of 4.9 pH
is contributed by the contact fingers. The quartz substrate is presented by a
transmission line with an impedance of 1942 and an electrical length of 70°
at 1THz. The input and output filters are incorporated using the measured
transmittances of the filters. Two circulators are used to isolate the fundamental
and harmonic frequencies. The number of harmonics included in the calculations

is SIX.

Both harmonic-balance methods are used. The modified program based on
Siegel’s method [42] calculates the optimal performance of the multiplier assum-
ing that the parasitic elements of the diodes are properly tuned-out by outside

impedance-tuners and the harmonic impedances are properly terminated. Cal-
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Fig. 2.59 Comparison of theoretical and measured power dependence for multiplier #1.
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culations are carried out with bias varied between —0.3V and +0.7V, and a
maximum efficiency is found to be 2.72% with a bias of 0.5V and an input power
of 1W for a 6x6 grid with proper diode-orientation. This means, with optimal
impedance tunings, the multiplier should be able to generate 27.2-mW output
power at 1 THz with an input power of 1 W at 500 GHz.

Figure 2.59 shows the comparison of measurements and calculations on mul-
tiplier #1. The calculations are performed by MDS 6.0 taking the parasitic
elements, the transmission curves of the filters and the transmittance of the
bolometer window into account The improper diode-orientation factor is also
considered by reducing the output powers to 10% of their calculated values,
because from measurements, we found that only 10% of the output power is col-
lected by the detector due to the improper output pattern. A bias of 0.3V is
assumed because, from the biasing power-dependence measurements, the diodes
seem to be self-biased at around 0.3 V. With an input power of 1 W, the calcu-
lated output power 1s 50 yW and the measured power is about 20 uW. It should
be emphasized that the measured peak output power is actually calculated from
the measured peak output energy using the input pulse width. We expect the
output pulses to be narrower than the input pulses so that the actual output
powers should be higher than what we presented. The calculated output powers
start to become saturated with input powers more than 2W. This is not ob-
served in our measurements and the discrepancy is possibly due to the estimated

forward saturation currents.

2.31 CONCLUSION

Terahertz quasi-optical grid frequency doublers have been investigated by
using Schottky diode-grids which are originally designed as sideband generators.
This is the first experimental result of quasi-optical grid frequency multipliers in
the terahertz frequency range. A peak output power of 330 uW is measured at
1THz for 2.42-us 500-GHz input pulses with a peak power of 3.3 W without any



112

impedance tuning. The relationship between the input power at 500 GHz and
the output power at 1 THz follows a square-power relationship. The polarity of
the diodes designed for sideband-generator applications results in a null in the
center of the output beam for multiplier applications. Measurements show that
only 10% of the total radiated power is received by the detector due to the null
in the output beam. Theoretical output patterns are calculated to verify the
measurements. Results show the attempt of using a lens to correct the output
patterns disappointing. Therefore, changing the diode orientations for multiplier
applications would be the proper way to improve the output patterns. Biasing
tests verify that the frequency multiplication results from varistors. It should be
possible to increase the output powers and the conversion efficiencies since these
diodes are not saturated yet. Biasing tests also show that these planar Schottky
diodes may be self-biasing when no bias is applied. Impedance-tuning tests also
indicate that the frequency multiplication results from varistors and, therefore,

reactive tuning will not improve the output powers significantly.

2.32 FuTture WORK

2.32.1 IMPROVEMENT

The diode-orientation designed for sideband-generator applications results
in a null in the center of the output beam when used as frequency multipliers.
A grid with diode-orientation appropriate for a multiplier application should
improve the output pattern and increase the output power without changing the
grid design or the planar diode structures. A new batch is being fabricated now
by Yongjun Li and Thomas Crowe at the University of Virginia.

The new diode grids will be 12x12 arrays with the same unit-cell design
as before. The active area is 840 umx840 pm (2.8\1TH; X 2.8\1TH,) and the
entire grid will be 1mmx1mm, as shown in Figure2.60. Each column has 12

diodes in series and the adjacent bow-ties are not connected to avoid possible
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short-circuited problems. The planar Schottky diodes face the same direction
and have the same structures as before. The top and bottom horizontal metal
strips are bias lines. To preserve the symmetries assumed in the unit-cell model,
the width of the metal strips extends a quarter-wavelength above and below the
top and bottom rows. The quarter-wavelength width would transform an open

boundary condition into a short one which satisfies the electric-wall assumptions.

Fig. 2.60 The 12x12 grid multiplier. The unit-cells stay the same as before. Each column has 12
diodes in series and the adjacent bow-ties are not connected. The diodes face the same direction

and this diode-orientation will improve the output beam and increase the output powers.
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In choosing the quarter-wavelength width, A, /4, the mean dielectric constant of
the substrate and the free space is used:

o _ Do (2.32)

Ag =
\/5mean \/€r+1
2

where g is the free-space wavelength and ¢, is the relative dielectric constant
of the substrate. The grid will be glued using optical adhesive on the edge of a
thicker quartz and suspended in the air. Bonding wires are used to bring the DC
bias in from the side.

The estimated output pattern for the new 12x12 grid multipliers with cor-
rect diode-orientation is shown in Figure2.61. The output patterns for a 6x6

grid with correct diode-orientation and the old 6x6 grid with opposite diode-
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Fig. 2.61 The calculated output pattern for the new 12x12 grid multipliers with correct diode-
orientation. The output patterns for a 6x6 grid with correct diode-orientation and the old 6x6

grid with opposite diode-orientations across the center row, are also shown.
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orientations across the center row, are also shown. These patterns are calculated
taking into consideration of array factors, finite acceptance-angle (+£14°) of the
receiving horn and the antenna pattern of the bow-tie with contact-fingers. In-
stead of only 10% (measured value) of total radiating power been received by
the bolometer in the tested multipliers, 42.5% of total output power will be re-
ceived for the 6x6 array with correct diode-orientation, using a £14° receiving
horn. Increasing the array size also narrows the output beam. 63.5% of total
output power will be received by the bolometer for the 12x12 array with correct
diode-orientation using the same receiving horn. A calculated 2-D output-beam

contour is shown in Figure2.62. The 2-D array factor is decided by

B -

where 8 and 1 are shown in the notations of Figure 2.38(b) and

Ae0) = |

¢y = kod, sin(8) cos(v), ¢, = kod, sin(6) sin(y)

with ko = 27/X¢ and dy, = d, = 70 um. The 2-D antenna pattern of the bow-tie
with contact-fingers is computed by HFSS.

Increasing the size of grid does not only increase the output powers, but also
reduces the diffraction losses in the matching circuits and filters, especially the
low-pass filter. The low-pass filter reflects the second harmonic signal back to
the output side and a narrower beam by a larger array will reduce the diffraction
losses. A more compact setup for the entire system to bring the tuning slabs
as close as possible to the grid will also reduce the diffraction losses. Since
the diodes act as varistors, single-slab reactive tuning will not be sufficient for
matching impedances. Double-slab tuning circuits are needed. Two quarter-
wavelength thick TPX slabs with adjustable distances between the slabs are a

suitable option considering the low-loss feature of TPX material. An ideal setup
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Fig.2.62 The calculated 2-D output-beam contour for a 12x12 grid multiplier with correct

diode-orientation.

would have all the elements mounted on a stage with 2, § and 2 movements,

two-degree rotations, and relative spacing adjustments of all the elements on the

stage.

Predictions of output powers by the harmonic-balance analysis should also
be improved by more accurate modelling of the Schottky diodes. The method
of using hydrodynamic device simulations combined with the harmonic-balance
analysis is recommended. Jones et al. [167,168] demonstrated the idea and re-
ported calculation results which are in good agreement with previously-published
measurement results. A computer program employing the same method to sim-
ulate Schottky diodes has been ready to be tested at the time this thesis was

written, unfortunately, due to the time constraint, we are not able to test it.



117

2.32.2 OTHER DEVICES

Frequency multiplication results from a nonlinear impedance driven by a
periodic source. There are three choices using diodes as the nonlinear devices:
varistors, varactors and combinations of these two kinds. The varistor utilizes the
nonlinear I-V relationship of a forward-biased diode while the varactor utilizes
the nonlinear C-V relationship of a reverse-biased diode. The advantages of
using varistors are that they inherently have real impedances and high cutoff
frequencies, so the impedance tuning will not be very critical. The disadvantage
is that the maximum conversion efficiencies are 25% for a doubler and 11% for
a tripler [44]. The varactors rely on variable capacitance, and therefore can, in
principle, have higher efficiency (ideally, the efficiency will reach 100%) [46] and
higher power-handling ability [158]. However, the cutoff frequencies of varactors
are lower because the variable junction capacitances unavoidably increase the

parasitic capacitances.

Both planar varactor and varistor diodes have now been made to roughly
1-THz applications at University of Virginia. Our next attempt will be using pla-
nar varactor diodes on the diode-grids to increase conversion efficiencies. Both
planar varistors and varactors potentially suffer from the current saturation prob-
lem due to the small size of device area. The estimated saturation current in our
device is 2.74mA or 4.14mA, depending on the models [153, 158]. To compare,
a whisker-contacted diode with a doping concentration of Ny = 107 cm™2 and a
nominal device area of 5 yum? made at UVA (UVA2T2-diode) will have a satura-
tion current of 20mA [158]. Performance can be improved by increasing doping
concentration, increasing the cross section of the diode or using semiconduc-
tor materials with higher saturation electron velocity such as InAs. Increasing
doping concentration will decrease the reverse breakdown voltage and increasing
the diode area will increase the parasitic capacitance that reduces the roll-off

frequency. Therefore seeking for a better device structure or material such as
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InP-based planar varactors [159] or superlattice barrier varactors [160] for the
planar Schottky diode grid will be an important direction in the future in order
to increase conversion efficiencies and powers.

As mentioned before, the main purpose of this project is to integrate the
expertise of Dr. Tom Crowe’s group on planar Schottky diodes at University of
Virginia and the experience of quasi-optical grid methods developed in Dr. David
Rutledge’s group at Caltech to develop submillimeter-wave frequency multipli-
ers. The similar situation happened when the measurements took place in the
Quantum Institute at University of California, Santa Barbara (UCSB). In the
Center for Free-Electron Laser Studies, Dr. Jim Allen’s group has been using
the free-electron laser to study nonlinear electron dynamics at terahertz fre-
quencies. One of the impressive results is the discovery of the giant third-order
nonlinear susceptibilities of single InAs quantum wells [161, 162]. Third-order,
free-carrier nonlinear susceptibilities, ¥(®, have been measured for InAs/AlSb
quantum wells from 570 GHz to 690 GHz. The peak value of x(®) reaches 1esu at
600 GHz which is several orders of magnitude larger than n-GaAs (~ 10~*esu)
or polyacetylene (~ 10~7esu). This makes the InAs/AISb an attractive candi-
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Fig.2.63 (a) The unit cell for an InAs quantum-well frequency tripler and (b) the equivalent

circuit.
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date for third-harmonic radiation generations. So far, all the measurements for
InAs/AlISb quantum-well device are done with a single device on GaAs wafer
at normal incidence of fundamental signal. Quasi-optical grid combining lots
of devices could efficiently increase the output powers and provide means for

impedance matching.

The unit-cell for a 1.8-THz InAs quantum-well tripler is shown in Fig-
ure2.63(a). The fundamental frequency is 600 GHz and the unit-cell size is
20 pmx20 pm. The device is located in the center of the unit cell connected
by two metal strips which act as a dipole antenna to couple the electric fields
into the device. The size of the device is 2 pumx2 um. Figure2.63(b) shows the
equivalent circuit. The shunt inductance contributed by the metal strip is 7.5 pH.
The GaAs substrate has a thickness of 24 um and a relative dielectric constant of
13.1. The impedance of the device is estimated to be Z =62 (2+-28 pH at 1.8 THz
and the calculated shunt capacitance is 0.2{F for a device-height of 2 um. Cal-

culated reflectance of the InAs quantum-well grid tripler is shown in Figure 2.64.
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Fig. 2.64 Calculated reflectances as a function of frequency for the design in Figure 2.63, without

impedance-tuning elements.



120

The reflectance has a null of —21dB at 1.8 THz.

Unfortunately, the fabrication of the InAs quantum-well tripler grids were
still underway at UCSB at the time this thesis was written, no experimental
results can be presented. The measurements will be using the free-electron laser
at UCSB with the similar experiment arrangement we used. From the past
experiences [162], output powers at 1.8 THz are expected to be in the range of

10 uW-100 uW for a 10x10 array pumped by a watt-level 600-GHz signal.
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Chapter 3

Microswitch Beam-Steering Grids

Quasi-optical power combining techniques offer a promising approach to
realize compact, reliable, lightweight, higher-power and economical systems at
millimeter and submillimeter wavelengths. A complete structure of quasi-optical
transmitter or receiver requires electronic beam-controllers for beam steering,
focussing and switching in the applications such as radars for aircraft-guiding
and missile-seeking; automobile radars for collision avoidance systems; and mil-
limeterwave imaging cameras which allow to see through fog. Electronic-scanning
systems are more reliable, flexible and have higher scanning speeds than mechan-
ical scanning systems. The high-speed capability of electronic-scanning devices
allows the beam to shift rapidly, so it can track or image more targets simultane-
ously. Conventional waveguide beam-steering systems are heavy, bulky and usu-
ally require complicated control circuits. Previous efforts of using quasi-optical
monolithic diode-grids as electronic beam-controllers at millimeter wavelengths

show impressive results and the advantages of lower losses and high-speed control.

Extending the quasi-optical diode-grid method for beam-control to higher
frequencies faces technical challenge to reduce the losses caused by the series
resistances of the diodes. Past experiences show that it is extremely important
to keep series resistances of diodes as low as possible to reduce losses. However,
the series resistances of Schottky diodes increase when the operating frequencies
increase and the series resistances will cause more serious loss problems at sub-

millimeter wavelengths. Therefore, exploring the possibility of a novel method
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using passive elements instead of diodes is the main purpose of this work.

Micromechanical membrane-switches offer the advantages of very low se-
ries resistances and simple control circuits. We proposed to utilize the binary
changes of reactance by switching the microswitches to establish a discrete phase
shifter. A multi-layer structure provides higher resolutions of phase-shifts with
lower losses which can be minimized by adjusting the spacing between layers
and the unit-cell patterns. Simulations predict that a 4-bit controlled 10-layer
microswitch beam-steering grid can have a phase-shift resolution of 22.5° over

360° with a loss of 1.6 dB at 240 GHz.
The organization of this chapter is in the following order:

A review on quasi-optical diode-grid beam-controllers is first given. Then
the structures of micromechanical membrane-switches and the approach of using
these microswitches on beam-steering grids are discussed. A general system and
the modelling method are shown. Two designs including practical considerations

of using (110) and (100) orientation silicon wafers are presented.

Because of the smaller wavelengths, submillimeter-wave beam-steering grids
should have TE;o-waves guided in etched vertical-wall rhombic waveguides with
microswitches inside to provide the required shunt reactances for phase-shifting.
The dimensions and spacings of rhombic waveguides in the grid have been cal-
culated to minimize the losses. Performance prediction, simulations and design

principles are discussed for a 240-GHz beam-steering grid.

For longer wavelengths, thin (100) silicon wafers are used for supporting the
microswitches and the free space between layers is used for providing the proper
electrical lengths. Performance prediction, simulations and design principles are
discussed for a 44-GHz beam-steering grid.

Micromechanical SiOxNy-membrane switches are fabricated on (100) ori-
entation silicon wafers to demonstrate the feasibility of fabricating long (longer

than 500 um) electrostatically-controlled binary switches on silicon. Rhombic-
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waveguide arrays are also made by using (110) orientation silicon wafers and
anisotropic etching techniques to show that it is feasible to fabricate vertical-
wall waveguides on silicon.

Finally, measurements are done for the designs of 44-GHz beam-steering

grids to verify the simulations.

3.1 MOTIVATION

Recent developments in millimeter and submillimeter-wave technologies of-
fer new and exciting solutions to problems that have plagued rival systems. For
example, compared to microwave systems, millimeter-wave systems have broader
bandwidths, better spatial resolutions, and smaller equipment and antenna sizes.
At the same time, millimeter-wave radiations are capable of penetrating fog,
clouds, dust and dark of night - unlike optical and infrared radiations. Unfortu-
nately, using millimeter-waves to their full advantages has been impeded by the
lack of inexpensive, high-resolution and reliable electronic beam-steering devices.

The advantages of the electronic-scanning system over its mechanical coun-
terpart are well known. Mechanical-scanning devices are slow to scan an area
and therefore limit the resolution. It is expensive to build a mechanical-scanning
system and usually it is heavy and bulky. Electronic-scanning systems have more
reliability, flexibility and higher scanning-speeds. The high-speed capability of
electronic-scanning devices allows the beam to shift rapidly, so it can track or
image more targets simultaneously. This provides choices for the demands of a
high-resolution radar in terminal homing for missiles and aircraft.

A conventional electronic-scanning system consists of phase-shifters mounted
in waveguides in the juxtaposed wave-paths. A large number of elements in the
array is usually required to steer the beams. The small size of millimeter-wave or
submillimeterwave waveguides requires very close manufacturing tolerance and
a lossless material. Using many phase-shifters and other controller circuits could

be expensive and requires complicated interconnecting when the wavelengths
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become smaller.

Phased antenna array provides an attractive option for electronic beam-
steering. Many phased antenna arrays involve the use of antenna elements such
as dipoles, patches or slots fed by waveguides or microstrips [1-3] and the use
of solid-state circuits as phase-shifting controllers such as liquid crystals [4]; su-
perconducting thin films [5]; optical-controlled devices like PIN diodes, IMPATT
diodes, MESFET and HEMT irradiated by lasers [6]; optoelectronic integrated
circuits (OEICs) [7]; modulation-doped charge-coupled devices (MD-CCDs) [8];
and varactor diodes [9]. Such designs limit versatility of antenna arrays and
still require routing of RF signals through guiding structures such as microstrips
or striplines which suffer from the losses at millimeter and submillimeter wave-
lengths, as mentioned in the previous chapter. Furthermore, it is difficult to
integrate a large size of phased antennas in an array without generating grating-
sidelobes. Recently, Liao and York [10] demonstrated a linear antenna array
using antenna-coupled oscillators to eliminate the need of phase-shifters. By ad-
justing the frequencies of the end oscillators in the chain, the radiation pattern
could be continuously steered over a range from —15° to +12.5°. This idea opens
a new door for beam-steering methods, however, still needs more studies on
the tradeoff between scanning-ranges and bandwidths, the oscillating-frequency

issues and the possibility of two-dimensional scanning.

3.2 QuAsI-OPTICAL DIODE-GRID METHODS

Quasi-optical methods provide many advantages, as mentioned in the previ-
ous chapter, at millimeter and submillimeter wavelengths. The low-loss features
make a quasi-optical electronic beam-steering very attractive. Quasi-optical
monolithic active reflectors become more possible when solid-state devices are
added to periodic structures. Lee and Fong made a pioneering study of the ef-
fect of embedding negative-resistance diodes in a corrugated grating [11]. Later,

Alexopoulos et al. proposed using these active surfaces for scanning a beam elec-
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tronically [12], and Chekroun et al. proposed RADANT®, a three-dimensional
grid of diodes for steering a beam [13]. Rutledge and Schwarz demonstrated
a multimode microbolometer array [14], and Lam et al. used the similar idea
to demonstrate a monolithic design of a periodic grid loaded with diodes for

electronic beam steering and frequency multiplication [15-17].

Monolithic diode grids were fabricated on 2 cm x3 cm GaAs wafers, mounted
on a metal mirror, with 1600 Schottky-barrier varactor diodes, as shown in Fig-
ure3.1. The unit-cell size is 500 pm x500 gm. Vertical inductive leads with a
width of 20 um connect diodes in series while the horizontal lines bias the diodes
in the same rows. The incident beam reflects off the diode-grid surface, where
changing the DC biases on the diodes changes the reactances, with a controlled
reflected phase. The bias lines are programmable and a linear variation of phase
across the aperture sets the direction of the reflected beam. A quadratic variation

of the reflected phase across the surface focusses the beam. This quasi-optical
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Fig. 3.1 Electronically programmable beam-steering array using Schottky diode grids.
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beam-steering method eliminates the needs for waveguides or microstrips. Fur-
thermore, the power is distributed among all the diodes, the power handling
capability can be increased by increasing the size of the grids, as mentioned in
Chapter 2. A phase shift of 70° with a 6.5-dB loss was obtained at 93 GHz when
the bias on the diode grid was changed from —3V to +1V.

Using the same approach, Sjogren et al. {18, 19] demonstrated electronic
beam-steering and focussing on a Schottky diode-grid loaded with 7168 diodes.
A phase shift of 70° is achieved with a reflection loss of 3.5dB at 120 GHz.
Qin et al. [20, 21] reported a 130° reflection phase-shift with a 2.7dB loss at
60 GHz. The diode grids can also be used in a transmission system, instead
of a reflection system, as beam controllers such as beam modulation and beam
switching, without the reflection mirror. Transmission controls over the range
of 20% to 50% at 99 GHz and 20% to 70% at 165 GHz were demonstrated by
Sjogren et al. [19,22] using the similar diode grids (8640 diodes). Qin et al. [20,21]
also demonstrated a 24 dB ON/OFF ratio with a minimum transmission loss of
2.2dB using a single diode-grid and a 42dB ON/OFF ratio with a minimum

transmission loss of 4dB using two stacked layers at 60 GHz.

These results are very impressive and promising for the use of diode-grids
as beam controllers at millimeter wavelengths. However, there are several draw-
backs which prevent diode-grids to be used at higher frequencies as phase-shifters.
First, the series resistances of Schottky diodes increase when the operating fre-
quencies increase. Previous experiences show that it is extremely important to
keep series resistances of diodes as low as possible to reduce losses. The series
resistances will cause more serious loss problems at submillimeter wavelengths.
Second, thermal effects induced by large currents on diodes increase the noise and
influence the stability of devices. Third, diode-grid devices require complicated
fabrication processes for diodes such as molecular beam epitaxy (MBE) which in-

crease the cost. Therefore, exploring the use of passive elements instead of active
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elements to provide phase-shifts with less losses at submillimeter wavelengths is

the main purpose of this work.

3.3 MICROMECHANICAL SWITCHES

We propose a novel beam-steering method which only includes passive ele-
ments instead of diodes or other active devices. The microswitch beam-steering
arrays can be fabricated monolithically on silicon wafers using conventional pho-
tolithographic techniques and provide discrete phase-shifts.

In 1978, Peterson successfully built micromechanical SiO;-membrane
switches on (100) orientation silicon wafers [23-25]. These switches are elec-
trostatically deflectable devices, shown in Figure3.2. They are batch fabricated
on silicon using conventional photolithographic and integrated-circuit processing
techniques. These devices are basically small, typically 100 um long, and used as
electrostatically controlled mechanical relays. They are cantilever beams com-
posed of thin (0.35 pm), metal-coated insulating SiO,-membranes attached to
the silicon substrate at one end and suspended over a shallow rectangular pit

with pyramid-shaped sidewalls. This pit is produced by etching the silicon out

- N,
Contacting  Defisction ™Y hY
Electrode Electrode Single 5*02 Membrane

Coated with Three Thin
Matallized Regions

Fig. 3.2 A micromechanical SiO;-membrane switch on (100) silicon. Work of K.E. Petersen at

IBM in 1978 [23-25).
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from under the deposited insulating film in silicon etchant (EDP). First, several
layers of photoresist are applied on the membranes to form a cantilever bridge
structure. Gold is plated over the bridge structure and forms a contact on the
membrane tip. Finally, the photoresist layers and excessive plating-gold base
are stripped and silicon is etched to form the cantilever beam. The fabrication
details will be discussed later.

When a voltage is applied between the highly-doped silicon in the bottom
of the pit and the deflection electrode metallization on the membrane surface,
the cantilever bridge will experience an electrostatic force to pull the membrane
downward until two electrodes contact. When the bias is removed, the stress of
the thermally grown Si0O, membrane separates two electrodes.

The experiments show that the series resistance is very low because of the
pure metal-to-metal contacts in the devices. The switching and sustaining pow-
ers are very low which make control circuits simpler. The device density can
be very high since the size of the device is very small. The fabrication pro-
cesses only include mask fabrication, wet chemical etching, metal evaporation
and electroplating but exclude complicated processes such as MBE.

The advantages of using microswitches on a beam-steering grid are:

1. The microswitches should have much lower series resistances over a frequency
range from gigahertz to terahertz compared to GaAs Schottky diodes be-
cause the RF conduction losses of metal should be lower than GaAs.

2. The ON-/OFF-state impedance ratios are extremely high which provides a
good binary separation.

3. It is fully monolithic and needs simpler fabrication processes compared with
Schottky diode-grid reflectors.

4. It requires simple low-frequency control circuits and the control signal can
be digitalized.

5. Power handling capability can be greatly improved since there are no break-
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down voltages to be concerned with.

3.4 APPROACHES

Using the microswitches to change the phases of propagating waves, we
utilize the two states of the switches. Shown in Figure3.3 are the equivalent-
circuit elements for two different metal patterns in waveguides. For vertically
polarized electric fields, a gap between two horizontal metal strips is presented
as a capacitor while a vertical strip 1s presented as an inductor in a transmission-
line model. The waveguides can be either commonly-used all-metal waveguides
or unit-cell waveguides, which are used in the analysis of quasi-optical grids for
TEM-wave incidence, with electric walls on the top and bottom and magnetic
walls on the sides. We proposed to use the ON/OFF-states of the microswitches
to achieve these two circuit-elements in order to change the reactances for the
propagating waves.

Figure 3.4 shows the concept for transmission-type beam-steering. The in-
cident wave enters the grid from the left side, passes through several layers of
microswitch and waveguide arrays, and re-radiates from the waveguide-array
surface in the right side into free space. The microswitches are built inside the

waveguides and designed as binary switches to change the shunt reactances in

Fig. 3.3 Equivalent circuits for metal patterns in waveguides.
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the transmission lines. When the switches close by biasing on the two electrodes,
inductive reactances would be presented to the propagating wave, and when
the switches open, capacitive reactances would be presented to the propagating
waves. In each waveguide-path, by changing the settings of switches in different
layers to reach different reactances, different phase-shifts can be achieved. A
linear phase variation across the transmitting aperture sets the direction of the

deflected beam and a quadratic variation focusses the beam in far field.

Using one layer of microswitches can provide a binary phase-shift. Stacking

several layers together allows to shift more phases in order to achieve higher
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Fig. 3.4 Schematic concept for transmission-type beam-steering. The incident wave enters the
grid from the left side, passes through several layers of microswitches and waveguides, and re-
radiates from the right side into free space. By changing the settings of switches to change the
reactances in the wave-paths, different phase-shifts can be added. A linear phase variation across

the transmitting aperture sets the direction of the deflected beam.
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resolutions of steering. If we use (100) orientation silicon wafers to form the
waveguides, as previous works by Petersen, after etching, holes with pyramid-
shaped sidewalls will be formed instead of vertical walls. This will introduce

reflection loss problems and excite higher modes in the waveguides.
This problem can be solved by using (110) orientation silicon wafers.

Silicon belongs to the diamond cubic crystal structure. In the cubic struc-
ture, the crystalographic directions are perpendicular to the crystal planes. There
are several low-index planes that we can apply wet-chemical anisotropic etching
to form cavities on silicon [26]. Figure 3.5 illustrates (100} plane and (111) planes
in the cube. If we use (100) orientation silicon wafers and anisotropic etchant
EDP (ethylenediamine-pyrocatechol and water) to form the waveguides, since
the etching rate of EDP for (100) planes is 35 times faster than for (111) planes
(at 110° C), after etching, we will get a pyramid-shaped cavity with an angle of

70.6° between two (111) planes.

Fig. 3.5 Iustration of the (100} crystal plane and the (111) crystal planes in the cubes. The
anisotropic etching direction is shown by the arrow when the etchant EDP is used on a {100)

orientation silicon wafer.
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However, four (111) planes in two cubes form vertical walls perpendicular
to the (110) planes, as shown in Figure3.6. By using anisotropic etchant KOH
solution on a (110) orientation silicon wafer, the (110) plane silicon particles
can be etched out to form vertical-wall rhombus-shaped waveguides since the
etching rate of KOH for (110) planes is 160 times (at 85° C) faster than for (111)
planes [27]. The inside angles of the rhombic holes define by the (111) planes
are 109.4° and 70.6°.

The microswitches can be fabricated on (110) orientation silicon wafers and
the vertical-sidewall holes allow us to stack many layers together for shifting
more phases. Figure3.7 shows one microswitch sandwiched by two waveguides
in one wave-path. When the switch opens, a shunt capacitance is presented.
When the switch closes by applying a bias, a shunt inductance is presented
if the susceptance of the central conductor is twice as much as the capacitive
susceptance at the operating frequency. The rhombic waveguide is designed to be

single-mode waveguide with electric-field polarization parallel to the microswitch.

hing Direction

Fig. 3.6 Ilustration of the (110} crystal plane and the (111) crystal planes in two cubes. The
anisotropic etching direction is shown by the arrow when the etchant KOH solution is used on a

(110) orientation silicon wafer.
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Fig. 3.7 (a) One microswitch sandwiched by two waveguides in one wave-path and (b) the equiv-

alent circuit. The resistors, R; and Ry, represent the RF conduction losses.

We plan to fabricate microswitches on (110) orientation silicon wafers for
higher frequencies and on thin (100) wafers for lower frequencies because the
sidewall reflections will not be significant for longer wavelengths. A design for
lower frequencies (44 GHz) will be discussed later. Figure3.8 shows the entire
structure using (110) silicon wafers. It has 10 stacked layers which allow to shift
more phase. Each column is controlled by parallel bias lines, which will provide
the elements in the same column with the same phase shifts. By changing the
settings of switches in different layers, different phase shifts can be achieved in
different paths. The layer #0 provides an impedance matching to the free-space
impedance to reduce the reflection losses. The surfaces of the first layer (layer #0)
and the last layer (layer #10) as well as the sidewalls of the rhombic waveguides
will be plated with metal to reduce losses. Here only shows one-dimensional
beam steering, however, two-dimensional beam-steering is also possible if we add

more bias lines between waveguides to control each microswitch individually.



149

Silicon coated
with metal

= B eeeee

/]

eeeee

v,x

“3

\\\\ .
N 4174744
..n-\ \eeeee -

Fig. 3.8 The entire microswitch beam-steering grid.
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3.5 240-GHz DESIGN

3.5.1 EQUIVALENT-CIRCUIT MODEL

Several designs are made for 240 GHz for different possible applications. A
7-layer 3-bit controlled structure with identical layers provides simpler fabrica-
tions and less cost. An 8-layer 3-bit controlled or a 10-layer 4-bit controlled
structure with different designs of switches on different layers provides more con-
trol flexibility or a higher-resolution of phase-shifts.

A T-layer structure is designed and the equivalent circuit is shown in Fig-
ure3.9. Each layer has the same metal patterns to provide the desired shunt
reactances of £71.317Z, where Z is the characteristic impedance of the rhom-
bic waveguide. 2-§) series resistance is added on each switch for imitating RF
conduction losses. By changing the switch-setting combinations and adjusting
the electrical lengths of the waveguide sections, a phase-shift increment of 45°
over 360° is achieved. Calculated performance for this 3-bit controlled design is
shown in Figure3.10. The electrical length is 86° at 240 GHz. The dashed lines
indicate the desired phase-shift resolution (45° over 360°) and the distances from
the outer circle to the markers indicate losses. The maximum phase error is 9°
and the maximum loss is 1.63 dB.

The 7-layer structure has identical layers which make the fabrication sim-
pler, however, provides less flexibility of increasing phase-shift resolutions. To
demonstrate the idea of adding flexibility of stacking more layers and to reduce
the phase-shift error, an 8-layer structure is designed. The 8-layer structure is
designed to have six identical layers and two extra layers with different switch-
design. The equivalent circuit is shown in Figure3.11. The first six layers have
the same metal patterns to provide shunt reactances of +51.317Z; and the last
two layers have metal patterns to provide shunt reactances of +52.624Z, by nar-

rowing the capacitive gaps between the horizontal metal strips and the vertical
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inductive strips. The switches are controlled by pairs. 2-§) series resistance
is added on each switch for conduction losses. By changing the switch-setting
combinations and adjusting the electrical lengths of the waveguide sections, a
phase-shift resolution of 45° over 360° is also achieved. Changing the position of

the (2Z¢ 1, —2Zc 1 )-pair in the equivalent circuit will also change the performance

Control circuit for bias

b o

3-bit control signal

Fig. 3.9 Circuit model for a 7-layer 3-bit controlled beam-steering grid. 2- ) series resistance is

added on each switch for conduction losses.

Fig. 3.10 Calculated performance for a 7-layer 3-bit controlled beam-steering grid. The dashed
lines indicate the desired phase-shift resolution (45° over 360°) and the distances from the outer

circle to the markers indicate losses.
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(will be discussed later). The layer arrangement shown in Figure3.11 gives the
best result and the calculated performance for this 3-bit controlled design is
shown in Figure 3.12. The electrical length is 102° at 240 GHz. The dashed lines
indicate the desired phase-shift resolution (45° over 360°) and the distances from
the outer circle to the markers indicate losses. The maximum phase error is 5.3°

and the maximum loss is 1.71 dB.

Electrical length

i ~ i

Two-bit control One-bit control

Bias line

Fig. 3.11 Circuit model for an 8-layer 3-bit controlled beam-steering grid. 2- (2 series resistance

is added on each switch for conduction losses.

0.34dB
2.5° |e

Fig. 3.12 Calculated performance for an 8-layer 3-bit controlled beam-steering grid. The dashed
lines indicate the desired phase-shift resolution (45° over 360°) and the distances from the outer

circle to the markers indicate losses.



153

Using the same idea, a 10-layer 4-bit controlled beam-steering grid is also
designed with a desired phase-shift resolution of 22.5° over 360°. The circuit
model is shown in Figure 3.13 and the calculated optimal performance is shown

in Figure 3.14. The maximum phase error is 5° and the maximum loss is 1.58 dB.

{ Layer 1 2 8 4 5 6 7 8 9 10

%2 20 B0 LT LD L% TR LT LG T

Two-bit control One-bit control  One-bit control
Fig. 3.13 Circuit model for a 10-layer 4-bit controlled beam-steering grid. 2- {2 series resistance

is added on each switch for conduction losses.

2.1° -
1.58aB 0.3
1.57dB

Fig. 3.14 Calculated performance for a 10-layer 4-bit controlled beam-steering grid. The dashed
lines indicate the desired phase-shift resolution (22.5° over 360°) and the distances from the outer
circle to the markers indicate losses. The electrical length is 102° at 240 GHz and the designed
reactances are Zr = +3j1.3177; and Z¢ = —51.3172,.
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3.5.2 DESIGN

3.5.2.1 SPACINGS

The first layer of the stacked multi-layer beam-steering grid (the layer #0
in Figure 3.8) serves as an impedance-matching transition between the free space
and the rhombic-waveguide array. The design goal is to minimize the reflection
loss by adjusting the waveguide dimensions and the spacings. There are three
parameters in simulations (Figure 3.15) - the horizontal and vertical spacings, 2z
and 2y, and the width of the rhombic waveguide, w. Since the inside-angles are
determined by the (111) planes of silicon, the height of the waveguide, /, is equal
to w/ V2.

The unit-cell waveguide method is used to simulate a TEM-wave inci-
dence by Hewlett-Packard High Frequency Structure Simulator (HFSS), a finite-
element solver for calculating wave distributions in a 3-D passive structure. Fig-
ure 3.15 shows (a) the front view and (b) the 3-D structure used in the simula-
tions. For a TEM-wave incidence, the unit cell has magnetic walls on the sides
and electric walls on the top and bottom. Symmetry allows to further reduce the

unit cell to a quarter piece with magnetic walls on the sides and electric walls

E: Electric wall
H: Magnetic wall

(a) b)

Fig. 3.15 (a) The front view and (b) the 3-D simulation structure.
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on the top and bottom. Port 1 is the front quarter-piece unit-cell waveguide.
Port 2 and 3 are the back quarter-piece rhombic waveguides. In HFSS version 1
and 2, the ports cannot be set on the same planes, so these two waveguides have
slightly different lengths. In version 3, these two ports can be set individually.
The s-parameters are de-embedded to the incident surface and renormalized after

they are solved.

There are several design considerations. The rhombic waveguides have to
be small enough to be single-mode waveguides, but big enough to minimize the
reflections. The spacings also have to be in a reasonable range for integration of
bias lines. Figure 3.16 shows the results for one design. The width, w, and height,
I, of the rhombic waveguides are 0.76 A and 0.54 o, respectively, where ) is the
free-space wavelength at 240 GHz. The spacing parameters are z = y = 0.246 ).
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Fig.3.16 (a) The reflection coefficient, s;1, plotted on a Smith Chart and (b) the reflectance as
a function of frequency. The rhombic waveguides have a width of 0.76A¢ and a height of 0.54A,.
The spacing parameters, shown in Figure3.15, are z = y = 0.246)p where Ay is the free-space

wavelength at 240 GHz.
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For 240 GHz, z = y = 307 um which leaves enough space between rhombic holes
for bias lines. Figure3.16 shows (a) the reflection coefficient, s;;, plotted on a
Smith Chart and (b) the reflectance from 230 GHz to 260 GHz. The resonant
frequency is 242 GHz and the respective reflectances are —28 dB at 242 GHz and
—24dB at 240 GHz.

Figure 3.17 shows the reflection coefficient, s;1, plotted on a Smith Chart as
a function of the spacing parameters, r = y, at 240 GHz. The minimum reflection
happens at z = y = 0.253)¢, where ), is the free-space wavelength at 240 GHz.

The minimum reflectance is —38 dB.

Fig. 3.17 The reflection coefficient, s;;, plotted on a Smith Chart as a function of the spacing
- parameters, £ = y, shown in Figure 3.15. The rhombic waveguides have a width of 0.76), and a
height of 0.54)¢. The minimum reflection happens at z = y = 0.253X¢ where Ag is the free-space
wavelength at 240 GHz.
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3.5.2.2 RHOMBIC WAVEGUIDES

Characterization of rhombic waveguides with inside-angles of 60° and 120°
have been demonstrated by Overfelt [28]. Conformal mapping and eigenfunc-
tions of the waveguide are used to solve the cutoff frequencies and eigenvalues.
However, there are discrepancies between the analytic solutions and the results
from finite-element or finite-difference methods. According to Laura and Er-
coli’s comments [29], there are no analytical solutions available in the rhombic
domains using the conformal mapping approach. Overfelt suggested to use an
infinite series of solutions to the Helmholtz equation to generate the lowest-
order eigenfunction of the rhombic waveguide in analytic form and calculate the
eigenvalue [28]. This method will provide an exact solution for the fundamental
mode, however, won’t work for higher modes. Therefore, we decide to use HFSS
to characterize the rhombic waveguides.

Since the two lowest-order eigenfunctions are always TE modes for any con-

Fig. 3.18 Plot of magnitudes and polarizations of electric fields on the longitudinal plane inside
the thombic waveguide. The sizes and the tips of pyramids indicate the magnitudes and the

directions of the electric fields, respectively.
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vex domain [30], we will not be concerned with the TM modes for our appli-
cations. For TE modes, E, = 0, where z is the propagating direction, and H,

needs to satisfy

(V2 +K)H, =0 (3.1)
and .
OH,

5 =0 (3.2)

where 71 is the outward normal to the walls. The relationship between the prop-

agation constant, 8, and the eigenvalue of the ¢-th mode, k;, is
k,‘z - koz - ,32 (33)

where ko? = w?uoeo. The eigenvalue of the sth mode, k;, decides the cutoff

wavelength of the :-th mode:
27

)‘c,i

ki = (3.4)

Overfelt used A.; = w, where w is the width of the rhombic waveguide, to solve
the eigenvalues and found the discrepancies. We define \.; = xw, where x is a
correction factor, and solve the cutoff wavelength using HFSS.

Figure3.18 and 3.19 show the simulation structures. The waveguide has
a length of 3.5\, a width of 0.76A¢ and a height of 0.54\q, where Aq is the
free-space wavelength at 240 GHz. Figure3.18 shows the plot of magnitudes
and polarizations of electric fields on the longitudinal plane inside the rhombic
waveguide. Figure3.19 shows the electric-field distributions on two longitudi-
nal planes inside the rhombic waveguide. The correction factor, Y, is found to
be 0.724 which agrees with the discrepancy-numbers in [28]. The propagation
constants for the first three modes are plotted in Figure3.20. The cut-off fre-
quencies for the fundamental mode, TE;o, is 229 GHz and for the next higher
mode, TEy;, is 305 GHz. The phase constant, 3, is 1.5x10® rad./m at 240 GHz

in this single-mode waveguide.
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8.00e-15

Fig. 3.19 Electric-field distributions on two longitudinal planes inside the rthombic waveguide.
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Fig. 3.20 The propagation constants of the rhombic waveguide with a width of 0.76); and a

height of 0.54), where A¢ is the free-space wavelength at 240 GHz. The cut-off frequencies for

the fundamental mode, TE1g, is 229 GHz and for the next higher mode, TEp;, is 305 GHz.

The power handling capability of a single-mode waveguide can be defined

as [31]

- Ppeak
T 4P

(3.5)

where Ppe,x is the peak transmitted power inside the waveguide, A is the cross

section of the waveguide and Pp is the power density in free space. Pp can be

normalized as

_|Bxf?

P
D Z

(3.6)

where |ET| is the maximum electric-field magnitude in the waveguide cross sec-

tion and Zj is the free-space impedance. The peak transmitted power is deter-

mined by

Poeak = // (E x H*) - 2dA
A

(3.7)



161

where E and H* can be obtained from the calculated field distributions. The
power handling capability is 0.425 for the rhombic waveguides with inside-angles
of 70.6° and 109.4°, defined by the (111) planes of silicon. By optimizing the
shapes of rhombus, the maximum power handling capability is found to be 0.434
for a 60°-120° rhombic cross section [28]. To compare, a rectangular waveguide
with a cross section which has a ratio (width to height) of 2:1 will have a power
handling capability of 0.465. The power handling efficiency of the rhombic waveg-
uides in our design is only slightly less than that of a rectangular waveguide.

To find the attenuation constant due to the losses in the imperfectly con-
ducting sidewalls of the waveguide, the law of conservation of energy is used. The
rate of decrease of propagating power, P(z), with distance along the waveguide
equals .the time-average power loss, Pr(z), per unit length. The attenuation
constant, a., is determined by

_ Pi(z)

o = 5P(2) (3.8)

where P(z) is the time-average power flowing through a cross section of the
waveguide and Pp(z) is the time-average power lost on the walls. They can be

decided by
P(z) = / /A -;—Re(ﬁ « B*)dA (3.9)

and

Py(z) = / /S %]J_;|2des (3.10)

where R, is the surface resistivity, J, is the surface current density, S is the
sidewalls of the waveguide and A is the cross section. The surface current density
can be calculated by j; = d, X H , where @, is the normal of the sidewall. The E,
H and H* can be obtained from the calculated field distributions. The calculated
attenuation constant is o, = 1.8 x 107° Np/m by assuming the surface resistivity

of gold R, = 2.96 x 1077/f Q-m~2, where f = 240 GHz [32].
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3.5.2.3 REACTIVE METAL PATTERNS

After the spacings and dimensions of the rhombic waveguides are decided,
metal patterns are placed inside the waveguides to achieve the desired reactances.
Figure 3.21 (a) shows the simulation structure for an open switch. The rhombic
waveguide has a width of 0.76 A\¢ and a height of 0.54 ), where ) is the free-space
wavelength at 240 GHz. The propagating mode is TE;( and the gap between two
horizontal metal strips, g, decides the shunt capacitive reactance. Figure3.21
(b) shows the de-embedded s-parameters as a function of the distance between
the horizontal metal strips. The desired shunt reactance, —j1.317Z,, is achieved
with g = 0.254 ).

Inductive metal pattern is added on the capacitive pattern to imitate a

closed switch. Figure 3.22(a) shows the pattern. With a fixed gap, g, the vertical

(a) (b)

Fig. 3.21 (2) Simulation for an open switch and (b) the de-embedded s-parameters as a function
of the distance between the horizontal metal strips. The desired shunt reactance 1s —31.3172),

where Z; is the thombic-waveguide impedance at 240 GHz.
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metal strip adds a shunt inductance which is mainly determined by the width, %,
and the length, ¢, of the vertical metal strip. However, a simple strip connecting
the top and bottom horizontal metal strips (¢t = g) doesn’t contribute enough
inductance. So instead of reducing the width to reach the desired shunt induc-
tance, we increase the length. The top and bottom horizontal strips in the center
are scooped out leaving a rectangular area to allow increasing the length of the
vertical strip. This will not reduce the shunt capacitance of an open switch when

the width of the scooped-out area (2r + k) is small.

Figure 3.22(b) shows the de-embedded s-parameters as a function of the
length of the vertical metal strip. The desired shunt reactance, +51.317Z, is
achieved with r = 1.5 x 1072 )¢, k = 8 x 107*); and t = 0.534 ).

0. 254
9 534\0{» &5 42}\0

l

1
[
1

]
I
1
1
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(a) (b)

Fig. 3.22 (a) Simulation for a closed switch and (b) the de-embedded s-parameters as a function

of the length of the vertical metal strip which has a width of 8 x 10~%),.
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3.6 44-GHz DESIGN

3.6.1 MOTIVATION

With the increasing attentions on developing sensors for automobile con-
trols and crash-avoidance systems [33,34], the needs for electronic beam-control
devices in the frequency ranges from 40 to 130 GHz are urgent. After all, a
mechanical scanning system in vehicles is not an attractive idea for automobile
manufactures. Quasi-optical transmitter with electronic beam-controllers provid-
ing advantages of low losses, high speeds and small sizes would be a competent
candidate.

Efforts are underway to develop 44 GHz monolithic quasi-optical grid-
amplifiers using HBT devices at Rockwell Science Center [35]. Also a /0.2
binary lens made of rexolite for beam shaping has been demonstrated to be used
in a 44 GHz quasi-optical transmission system [36]. The key element to complete
this quasi-optical transmitter system is a low-loss beam-steerer. Conventional
waveguide-methods are bulkier and have more losses. Quasi-optical diode-grid
beam-controller is an attractive option. However, power-handling and loss prob-
lems due to the diode structures and the series resistances may become major
issues for a watt-level system. Microswitch beam-steering grids should certainly
be able to handle more power than diode-grids. The losses can be minimized by
adjusting grid-layouts and the spacings between layers because the series resis-
tance of the micromechanical switch should be much smaller than that of diode,
which is the main source of losses, at millimeter wavelengths.

Figure 3.23 shows a monolithic microswitch beam-steering grid design for
44 GHz. The microswitches will be fabricated on thin (100) silicon wafers with
pyramidal cavities underneath. The thickness (300 ym) of silicon wafers is much
smaller than the wavelength (6.8 cm), so the reflection losses from the sidewalls of

the pyramidal cavities can be minimized by adjusting the unit-cell layouts. Free
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space is used to provide proper electrical lengths between switches. The electrical
lengths are adjusted to reach a minimum loss and an optimal phase-shift reso-
lution. Generally speaking, the electrical lengths should be in the neighborhood
of Ao/4 (1.7mm). Using the free space eliminates the needs of thick wafers, the
needs of accurate thickness for wafers, and the waveguide-wall losses. It also pro-
vides tuning capability. Bias lines are integrated between cavities to control each

switch. The biases are controlled by IC control circuits which can be fabricated

Microswitch
Incident Steered
‘Wave Wave
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Fig. 3.23 Monolithic microswitch beam-steering grid design for 44 GHz. The microswitches will
be fabricated on thin (100) silicon wafers with pyramidal cavities underneath. Bias lines are
integrated between cavities to control each switch. Integrated-circuit control devices can be
fabricated on the same wafer to decode the control signals into bias signals in order to reduce
the numbers of control wires coming out of the grids. Spacings between layers are adjusted to

minimize the reflection losses.
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on the same wafer to decode the control signals into biasing signals in order to

reduce the numbers of wires coming out of the grid.

3.6.2 DESIGN

The unit-cell waveguide method is used for simulations. Port 1 and 2 are
respectively the front and back of the grid. The unit cell has electric walls on
the top and bottom, and magnetic walls on the sides for TEM-wave incidence.
Symmetry allows us to further reduce the unit-cell to a quarter-piece, as shown
in Figure3.24. The quarter-piece waveguide also has electric walls on the top
and bottom, and magnetic walls on the sides. Structure parameters include the
thickness of the wafer, h; the horizontal and vertical spacings between holes,
a and b; the sizes of the front windows, ! and w; and the skewed angle of the
lattice, a, which decides the arrangements of odd and even rows. For fabrication
reasons, the thickness is chosen to be 300 um. The simulations are performed
using HF'SS.

First, a structure without capacitive or inductive metal patterns is used to
find the structure parameters, I, w, a, a and b, in order to reach a minimum
reflection loss. Then either a capacitive metal pattern, which imitates an open
switch, or an inductive metal pattern, which imitates a closed switch, is added
on the opening window of the pyramidal holes to calculate the added shunt
reactances in the unit cell. The equivalent circuit for a structure without reactive
elements can be approximately presented as a resonant circuit with a resonant
frequency of 44 GHz. The shunt reactances in the first layer of a 10-layer system,
which gives a phase-shift resolution of 22.5° over 360° (will be described later),
should provide +20.8° phase shifts, as shown in Figure 3.25.

A structure without reactive metal patterns is first used in HFSS to find
the proper parameters, |, w, o, a and b, to reach a minimum reflection loss.
The pyramidal holes should have a height less than a half-wavelength and a

width more than a half-wavelength in order to avoid the propagation of cross-
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Fig. 3.24 Simulation structure. The inside-angles are 35.3° defined by (111) planes of silicon.
Symmetry allows to further reduce the unit-cell waveguide to a quarter-piece waveguide with
electric walls on the top and bottom and magnetic walls on the sides. Structure parameters
mnclude the thickness of the wafer, h, the horizontal and vertical spacings between holes, a and

b, the sizes of the front windows, [ and w, and the angle of the lattice, a.

Without
metal
patterns

Fig. 3.25 Desired transmission coefficients, s31, for closed- and open-switch configurations on

the first layer of a 10-layer structure.
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reflectance and transmittance as a function of frequency. The dashed lines show the resonant-

circuit results.
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polarizations excited by the sidewalls. The spacings between holes need to be
big enough for the integration of bias lines and feasible fabrication. Both square-
lattice arrangements, o = 0°, and equilateral-triangular-lattice arrangements,
a = tan™'((w + a)/2(I + b)), are calculated to find the minimum reflection.
Simulations over the frequency range of interest are carried out to verify the
resonant points since the finite-element method does not converge well at the

resonant point.

The final design is an equilateral-triangular-lattice arrangement of rectangu-
lar windows with {=2.47mm (0.36)¢), w=>5.2mm (0.76A¢), a=500 pm (0.073X),
b=600 um (0.088)p), and a = 42.9°, where \g is the free-space wavelength at
44 GHz. For square-lattice arrangements, o = 0°, we are not able to reach reso-

nances at 44 GHz with design-parameters feasible for fabrications.

Figure 3.26 shows (a) the reflection and transmission coefficients, s1; and sz,
and (b) the reflectance and transmittance as a function of frequency. The dashed
lines indicate the calculations from the equivalent circuit shown in Figure 3.27.
As one can expect, the equivalent circuit of the unit cell with an equilateral-
triangular-lattice arrangement of the rectangular holes should be more compli-
cated than the one shown in Figure 3.27 and the disagreements in Figure 3.26(b)
also verify that. However, this simplified equivalent-circuit allows us easily to
decide the equivalent circuits for closed and open switches.

As mentioned before, the finite-element method does not converge well

around resonant points. One way to verify the resonant point is to sweep the

frequencies, as shown in Figure3.26(a). Another way to verify is to vary the

wele—
———

-j0.529Z, +j0.529Z,

Fig. 3.27 The simplified resonant circuit. Zp is the free-space impedance.
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50um

Fig. 3.28 The reflection and transmission coefficients as a function of the vertical spacing, b,

between rows. x indicates the resonant point.

design parameters. Figure 3.28 shows the s;; and s2; as a function of the vertical
spacing between rows, b. The spacings are varied from 50 ym to 3mm and the

resonance happens with a spacing of b = 600 ym.

Capacitive metal patterns are added on the windows of the pyramidal cav-
ities to imitate open switches. Figure3.29 shows the simulation structure. The
gap, ¢, between the horizontal metal strips is varied to obtain the desired shunt
capacitive reactance. Figure3.30 shows the calculated reflectances from 30 GHz
to 60 GHz and the equivalent circuit for a gap of 1.11mm. A shunt capacitive
reactance of —71.3127, is added to the resonant impedance by the metal-strip
gap.

Inductive metal patterns are added on the windows of the pyramidal cavities
to imitate closed switches. Figure 3.31 shows the simulation structure. With a
fixed gap, ¢, the vertical metal strip adds a shunt inductance to the impedance

of an open-switch configuration. The inductance i1s mainly determined by the
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Fig. 3.29 Capacitive metal patterns on the windows of the pyramidal cavities to imitate open

switches. The shunt capacitance is determined by the gap, g.
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Fig. 3.30 Calculated reflectances as a function of frequency and the equivalent circuit for an
open switch.



172

—

-~

H : Magnetic Wall
E : Electric Wall

Fig. 3.31 Inductive metal patterns on the windows of the pyramidal cavities to imitate closed

switches. The shunt inductive reactance is mainly determined by the length, ¢, and the width,
k, of the vertical metal strip.
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Fig. 3.32 Calculated reflectances as a function of frequency and the equivalent circuit for a closed
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width, k, and the length, ¢, of the vertical metal strip. However, for the desired
inductive reactance, a simple strip connecting the top and bottom horizontal
metal strips (! = ¢) needs to have a width of less than 0.5 yum which is very
difficult to fabricate. So instead of reducing the width to reach the desired shunt
inductance, we increase the length. The top and bottom horizontal strips in the
center are scooped out leaving a rectangular area to allow increasing the length
of the vertical strip. This will not add extra shunt capacitance in the unit cell
when the electric field is vertically polarized or reduce the shunt capacitance of
an open switch when the width of the scooped-out area (2r + k) is small.
Figure 3.32 shows the calculated reflectances from 40 GHz to 60 GHz and
the equivalent circuit. For a 20-ym wide vertical strip, the design dimensions are
t = 1.94mm and r = 20 um. A shunt inductive reactance of +70.658Z is added

to the impedance of an open-switch configuration by the vertical metal-strip.

3.6.3 CALCULATED PERFORMANCE

The desired shunt reactances, £351.317Zy, in the first layer of a 10-layer
system should provide +20.8° phase shifts, as shown in Figure 3.25. It may seem
not particularly useful. However, a 10-layer system with proper spacers can
provide phase-shifts with a resolution of 22.5° over 360° by a 4-bit control signal.
Figure 3.33 shows the idea. Each layer includes a microswitch and a free-space
electrical length, §. Two adjacent layers will be controlled by the same bias lines
which can switch the microswitches by pairs. The first six layers have the same
metal patterns which provide a shunt inductance of 1.8 pH with a closed switch or
a shunt capacitance of 7.3fF with an open switch. These six layers (three pairs)
are controlled by a 2-bit signal. The seventh and eighth layers controlled by a
1-bit signal have the metal patterns which provide a shunt inductance of 3.6 pH
with a closed switch or a shunt capacitance of 3.6 fF with an open switch. The
ninth and tenth layers also controlled by a 1-bit signal have the metal patterns

which provide a shunt inductance of 7.2pH with a closed switch or a shunt
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capacitance of 1.8fF with an open switch.
2- (2 series resistance is added on each switch for imitating RF conduction

losses. The real series-resistance is expected to be smaller than 2 2 at 44 GHz. By

adjusting the electrical length, 0, and different switching configurations, losses

iLayer 1 2 8 4 5 6 7 8 9 10
2.2, ZZ, ZZ, 2Z.27, 27 27 4L 47, 4L A7,

Switch
“ Bias line

Two-bit control One-bit control  One-bit control

Fig. 3.33 Circuit model for a 10-layer 4-bit controlled microswitch beam-steering grid. 2- Q series

resistance is added on each switch for imitating RF conduction losses.

1.3° .
1.95dB 0.9
1.74dB

Fig. 3.34 Phase-shifts and losses at 44 GHz for a 10-layer system. The dashed lines indicate the
desired phase-shift resolution (22.5° over 360°) and the distances from the outer circle to the

markers indicate losses.
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and phase-shifts can be calculated. Figure3.34 shows the transmission coeffi-
cients on a polar plot. The dashed lines indicate the desired phase-shift resolution
(22.5° over 360°) and the distances from the outer circle to the markers indicate
losses. Two considerations are taken into account in the calculations. First, some
different combinations of switch-settings will have different phase-shifts and losses
for the same desired phase-shifts. For example, for layers #1—#06, a combina-
tion of ((open-open)—(close-close)—(open-open)) generates different phase-shift
and loss from the combinations of ((close-close)-(open-open)—(open-open)) or
((open-open)—(open-open)—(close-close)) , although the projected phase-shift is
the same. A tradeoff between phase-shift error and loss needs to be made in this
kind of case. Basically we chose minimum losses over minimum phase-shift errors
unless the phase-shift errors are more than 11° (a half of the resolution angle)
where the observed point will be mixed up with the adjacent points.

Second, different layer-arrangements will have different performances. For

example, an arrangement of

(Zer-Zen) — (Zey—Zcr) — (Zep—Zey) — (2Zc1-2Zc1) — (4Zc1—4Zc 1)

will have a different performance from the arrangement of

(2Zc1-2Zcy) — (Zoy—Zcyr) — (Zer—Zoyr) — (Zer—ZcoL) — (4ZcL—4ZcL)-

Taking both considerations into account and adjusting the electrical length, the
optimal performance is shown in Figure3.34. The layer-arrangement for this
optimal result is shown in Figure3.33. The maximum phase-shift error is 4.9°
and the maximum loss is 2.42 dB for this 4-bit controlled, 10-layer beam-steering
grid.

In radar applications, the Doppler frequency-shift effect needs to be con-
sidered. Figure3.35 shows the transmission coeflicients at different frequencies.
The switch settings and layer-arrangement are based on the optimal design for
44 GHz. Using the same configurations, 40 GHz and 48 GHz results are calcu-
lated. The losses and shifted-phases are listed in Table3.1.
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40 GHz 40 GHz 44 GHz 44 GHz 48 GHz 48 GHz

Target Loss Phase Loss Phase Loss Phase
(dB) shift (dB) shift (dB) shift

0° 0.39 -2.2° 0.43 -1.1° 0.16 -2.9°
-22.5° 0.38 -24.3° 0.62 -23.5° 0.19 -26°
-45° 0.55 -47.7° 0.9 -46.7° 0.28 -49.7°
-67.5° 0.58 -69.7° 1.02 -66.8° 0.28 -69.9°
-90° 2.28 -93.4° 1.74 -90.9° 1.96 -98.1°
-112.5° 1.7 -118.3° 1.95 -111.2° 1.57 -121.8°
-135° 2.06 -140.9° 2.42 -133.2° 0.63 -141.3°
-157.5° 2.14 -157.5° 1.14 -152.6° 0.77 -162.3°
-180° 1.92 -173.1° 0.34 -177.1° 0.18 169°
157.5° 1.7 169.6° 0.26 161° 0.1 147.4°
135° 1.37 146° 0.15 138° 0.5 125.8°
112.5° 1.31 123.9° 0.23 115.7° 0.27 105.2°
90° 0.27 95.2° 0.3 85.1° 1.8 81.5°
67.5° 0.26 73.4° 0.36 64.2° 1.26 57.3°
45° 0.17 49.9° 0.5 42.7° 0.55 39.3°
22.5° 0.15 27.9° 0.39 21.9° 0.7 14.9°

Table 3.1 The shifted-phases and losses of the 4-bit controlled, 10-layer beam-

steering grid at 40 GHz, 44 GHz and 48 GHz.

sesess 44GHZ
assas 40GHzZ
x=ses 48GHzZ

Fig. 3.35 Transmission coefficients at 40 GHz, 44 GHz and 48 GHz on a polar plot. The dashed

lines indicate the desired phase-shifts and the distances from the outer circle to the markers

indicate losses. The data are listed in Table3.1.
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3.7 FABRICATION

Fabrication for micromechanical switches have been described by Petersen
in [23,24]. However, the switch structures made by Petersen are different from
our designs and can not be used directly in our grids.

First, the micromechanical switches that have been demonstrated are four-
terminal devices, shown schematically in Figure 3.2. The thin metallization cov-
ering the membrane is divided into three segments: the two outer, large-area
deflection electrodes and the contacting electrode in the center of the membrane.
The two deflection electrodes are connected together by a plated metal bridge
on the wafer surface. The membrane is deflected by applying a voltage between
the deflection electrodes and the bottom of the etched well. The deflected mem-
brane takes the contacting tip down and makes the electrical contact with the
fixed electrode.

In our case, the silicon underneath the switches must be etched through
to form a waveguide to allow electromagnetic waves to transmit. This elimi-
nates the possibility of establishing static charges between the metallization and
the wafer. The deflection electrodes have to be combined with the contact elec-
trodes. The larger membrane covered by metallization now is replaced by a single
strip of metal-coated membrane. The width of the strip is usually narrow (less
than 20 um) in order to reach the required shunt inductance. Furthermore, the
waveguides underneath the switches have to be big enough to have the cutoff
frequency of the propagating mode below the operating frequencies. This means
the length of the strip has to be long enough. The longest membrane-switches
demonstrated [25] is 118 um, however, for applications at millimeter wavelengths,
it has to be much longer. Fabricating narrower but longer membrane-switches
makes the stress-control and the quality of the membrane much more important
than before.

Second, because the silicon has to be etched through the wafer, a long period
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of silicon etching is required. Previous membrane-switches only require 20-minute
EDP etching at 118° C and it is sufficient to create a pit underneath the switches.
For our case, the EDP etching and the KOH etching take 10-12 hours and 4 hours
to etch through a 300-um thick silicon wafer, respectively. This again emphasizes
the importance of quality control of the membranes.

Third, low-resistivity highly-doped n-type silicon wafers with surface pol-
ished are used to reduce the RF losses instead of low-doped silicon wafers which
were used in Petersen’s experiments. However, the highly-doped feature with
a dielectric thin-film cover creates a highly-reflective surface on the wafer for
photolithography and causes trouble to define etching or lift-off patterns on our
wafers using the same type of photoresist used before. Problems are solved by
using other types of photosensitive materials, however, the fabrication processes
also have to be changed such as spinning speeds; baking times and temperatures;
curing times and temperatures; and stripping methods.

Finally, the attempt to repeat the fabrication processes in [23,24] to make
microswitches results in disappointing failures. After the final step of gold plat-
ing, the entire metallization along with the bridge structure would be stripped off
from the surface when the photoresist sacrificial-layer was removed in acetone.
We suspect that it might be caused by the improper undercuts in the edges of
the photoresist mesa. However, it seems impossible to create a photoresist mesa
without undercut on one edge but with undercuts on the other three edges. This
is not described in [23,24] and seems that it didn’t cause any problems to fab-
ricate micromechanical switches. We solved this problem by using an oblique
evaporation technique to eliminate the requirement of impractical undercuts in

the bridge-structure mesa.

3.7.1 FABRICATION PROCEDURES

(1) Fabrication processes start with a highly-doped n-type silicon wafer. A 1-
pm thick layer of silicon-oxynitride (SiOxNy) is deposited on both sides of
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the silicon wafer by using plasma enhanced chemical vapor deposition.

Photoresist is applied and exposed to define an opening for silicon etching.
Then SiOxNy in the opening is etched away using buffered-HF solution.

Resist is removed.

Photoresist is applied again to cover the exposed silicon and a layer of

chromium/gold is evaporated and lifted off.

Photoresist is applied and exposed to define an area for SiO, deposition. A
rectangular pattern of SiO, is deposited using thermal evaporation on the
edge of contact-electrode. The purpose of this 510, pad is to prevent DC
currents flowing through the contact which takes away the charges formed

to provide the electrostatic force. Resist is removed afterward.

A thick layer of photoresist is applied on the entire wafer. Several different
types of photoresist are used including AZ1350] ®, AZ5214®, A74330®
photoresists and photosensitive polyimides like HTR 3-50® and HTR 3-
200®.

Because another layer of photoresist has to be applied later for gold-plating,
the first layer of resist may be solved when applying the second layer. Also
due to the long period of gold plating, the resist-mask may be attacked
by the plating solution. Therefore, a hard-bake process after exposure on
this and second resist-layers is required to protect the resist. However, the
hard-bake will harden the resist, reduce the height (over which there is
evaporated gold covered) and deform the bridge structure. Several failures
show the insufficient hard-bake causes the damages. Therefore, we explored
the use of several different types of photoresist for a better mesa-forming.
Table 3.2 shows the types of resist, spinning speeds used, and the measured
thickness’s before and after hard-bake. The resists are mostly overbaked for
a good protection from plating-solution attack. The thickness is measured

by using a Sloan Dektak® 1A surface profiler.
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Resist type Spinning Thickness (before) Thickness (after*)
AZ1350] 3000 2 ~1T
AZ4330 3000 4 3.8
AZ5214 3000 1.6 1.6
HTR 3-50 3000 3.2 151
HTR 3-200 3000 12 51

Table 3.2 The thickness’s of different types of photosensitive resists, used in our

laboratory, before and after* the hard-bake process. The thickness is measured

by using a Sloan Dektak® IIA surface profiler.

*

t

At

: The resists are mostly overbaked for protection from plating-solution attack.

: Due to the highly reflective surface of the highly-doped silicon wafers used,

the photoresist is pre-baked at 50° C, which is different from the normal
procedure, repeatedly overexposed and overdeveloped which may result in a

different thickness.

: The polyimides are cured in a nitrogen-gas blown environment on a hot plate

at 150° C.

Due to the highly-reflective surface of the highly-doped silicon wafers, the
most commonly-used AZ1350J photoresist is pre-baked at 50° C for 10 min-
utes, which is different from the normal procedure (at 85° C for 30 minutes),
repeatedly overexposed and overdeveloped. This caused a lot of problems
during our fabrications and resulted in a lot of failures. Photosensitive poly-
imide is another option. However, the thickness changes are too big to
form a good bridge-structure and it is more difficult to be stripped off than
AZ-resists. Our experiences show that a 1.6-um thick of AZ5214 spun at
3000r.p.m. (~ 1pm at 5000r.p.m.), soft-baked at 90° C for 60s on a hot
plate, and thermally cured (imidized) at 110° C for 60s on a hot plate gives

a uniform profile of contact after hard-bakes and increases resistance to sol-
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vents and plating-solution. The thickness doesn’t change noticeably after
hard-bakes and gold-plating. Also AZ5214 photoresist doesn’t cause any
trouble when we used it on the highly-reflective surface of highly-doped sil-
icon wafers.

An insufficient UV-exposure is applied to define the mesa over which gold

will be plated to form the bridge structure and contact-electrode.

The remaining photoresist then is overexposed to open a window for gold-
plating base. The resist then is hard-baked.

A thin (60A4-Cr and 400A4-Au) layer of Cr-Au is evaporated over the entire
wafer at an angle of 60° normal to the wafer from the side which the bridge
will be formed. This layer serves as a plating base. This oblique evapora-
tion eliminates the requirement of no resist-undercut on the bridge side and

undercuts on the rest three sides of the contact-electrode mesa.

Another layer of photoresist is applied.

UV-exposure is used to define the regions to be gold-plated and open a
contact area on the edge of wafer for connecting of the plating current.
Gold is plated in a cyanide-based electroplating solution agitated with a
magnetic spinner to a thickness of 3 um through the photoresist windows.

The plating time is 15 minutes with a total current of 0.7 A at 60° C.

The resist and the excessive plating base are stripped in resist-stripper so-
lution and the bridge structure is formed.

The entire wafer is placed in EDP (ethylenediamine-pyrocatechol and water)
or KOH (50% of potassium hydroxide flakes in deionized water by weight)
solution and the silicon is etched away to form a cantilever beam underneath
the SiOxNy. The etching rates of EDP (Transene® PSE-300) etchant at
100° C for (100) and (111) planes of n-type silicon are 25 um per hour and
negligible, respectively. This anisotropic feature will result in V-shaped walls

((111) planes) at an angle of 54.7° from the surface ((100) plane) under-
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neath the cantilever beam. The etching rates of KOH etchant at 80° C for
(110) and (111) planes of silicon are 87 pm per hour and 0.5 pm per hour,

respectively. The etching will form a vertical-wall cavity underneath.

Then the device is rinsed and carefully dried by blowing air on the wafer.
Drying by placing the wafers on hot plates is also used, but heat causes
the cantilever bridge bent downward, dries the water between the contact-
electrode and the SiO;-pad, and closes the switches. These switches could
not be opened again even by cooling them in a de-humidified liquid-nitrogen-

cooled box.

There is a layer of SiOxNy on the back of the silicon wafer. Most of the
SiOxNy membranes in the bottom of the etched cavities are usually broken
from the hot silicon-etching. The SiOxNy layer on the back provides a good
balance of surface-stress with the layer on the front, regardless of broken or
good membranes in the windows on the back, and prevents the wafer from

tensile or compressive stress bending [37].

The front side of the entire wafer is sprayed (not spun) with photoresist
and baked for protection. Gold is plated on the sidewalls of the etched
cavities in gold-plating solution. Some SiOxNy on the edge of the wafer is
removed by dumping only one corner of the wafer into buffered-HF solution
and the silicon is exposed for connecting the gold-plating electrode. The
highly-doped silicon has very low-resistivity (much less than 0.5 Q-cm). The
switch structures on the front are insulated by the SiOxNy-layer and won't
be plated. The resist-cover provides extra protection. Low electroplating

current is used in order to get a smoother surface.

The device is rinsed after gold-plating. The photoresist is removed using
acetone. The device is cleaned in distilled water followed by in methanol

and then carefully dried by blowing air on the wafer.
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3.7.2 MEMBRANE

Thin-film depositions on silicon such as silicon-dioxide (SiO;), silicon-
oxynitride (SiOxNy) and silicon-nitride (SizN4) covered with metallization have
been documented well for VLSI applications. However, metallized suspended-
membrane in a cavity with only partial connections on the edges has not yet
been fully characterized, especially for thin-film cantilever beams.

Using undoped-silicon and polysilicon as the materials of the suspended
structures have been demonstrated by Choi et al. [38] and Tang et al. [39], re-
spectively. Thin (0.2 ym) metal sheets suspended over support structures (~5 ym
high) have been demonstrated by van Raalte [40] and showed that metal-film
structure is potentially susceptible to metal fatigue, especially for gold which
has a particularly low fatigue strength. Guldberg et al. [41] and Thomas et
al. [42] used 0.35-pm thick thermally-grown amorphous SiO,-films over a 5-ym
epitaxial silicon layer on sapphire substrate to demonstrate a mirror-matrix dis-
play. The structures consist of four cloverleaf-shaped thin-film coated with alu-

minum (3004) with only one corner connected to the center silicon supporting-

(a) (b)
Fig. 3.37 (a) The linear cantilever-beam light-modulator array, and (b) with various beam sizes

for measuring Young’s modulus [25]. K.E. Petersen’s works at IBM.
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posts. The structure shows that the thermally-grown amorphous SiO; films
substantially increase the fatigue strengths. A small, linear array of voltage-
controlled optical modulators used electrostatically-controlled micromechanical
cantilever-beams to deflect light was demonstrated by Petersen [25], as shown in
Figure3.37(a). The structures consist of a metal-coated thermally-grown amor-
phous SiO; film suspended in an anisotropically-etched silicon pit. Figure 3.37(b)
shows various beam sizes for measuring Young’s modulus [25,43]. These pictures
show two concerns: 1. The residual stress of the Si0,-film coated with metal
makes the beams bent upward which indicates there is a compressive stress be-
tween the metal and the film. 2. The longer the beams are, the more the stress

effect is.

Taking these two considerations into account, we expect to face a bigger tech-
nical challenge to fabricate longer cantilever-beam switches. It didn’t cause fab-
rication problems before because those cantilever beams were short (30-118 pm),
the silicon etching time was short (~20 minutes), the etching temperature is
low (85° C), and there were no bridge-contact structures on the tips which add
more complexities on tension. Actually, on the contrary, the micromechanical
optical-modulators utilize the residual stress of the cantilever-beam membranes
to achieve a big difference of deflection angles in order to reach a big ON-/OFF-

state ratio.

Earlier attempts to build 500 ym-1 mm long cantilever-beam switches using
thermally-grown SiO,-films by wet oxidation in our laboratory (which doesn’t
have impurity control) failed. After the silicon etching (100° C), most of the
cantilever beams broke at the edges connecting to the silicon surface. Changing
the thickness of the evaporated gold and using evaporated-silver or evaporated-
aluminum for the surface metallization trying to change the residual stress
didn’t improve the situations. A possible reason is the interaction between

the compressive stress of the thermally-grown SiO.-film on the silicon surface
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(~ 2 — 4 x 10° dyne/cm?) [37] and the compressive stress from the metal on the
Si0q-film. Both residual stresses result from the differences among the thermal
coefficients of expansion of Si, SiO,, and metal. Similar conditions were also ob-
served in [44] and [45], which the SiO;-membranes tend to wrinkle, distort and
break when the silicon is etched away, because of the compressive stress.

SizNy film is an alternative which has been widely used for VLSI applica-
tions. However, high-temperature CVD-grown SizN4 on silicon has strong tensile
stress [37, pp. 192] which is good for planar circuits on the membrane-windows
to avoid rupture, but bad for cantilever-beam applications. The strong tensile
stress bends the beams downward and makes the contacts touch permanently.

Silicon-oxynitride (SiOxNy) provides a flexible choice. SiOxNy films have
very different physical and electrical properties depending on their composi-

tion [46]. Variations in oxygen and nitrogen concentrations generally have a
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Fig. 3.38 Residual stress as a function of flow composition. The arrow indicates the composition
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strong influence on film properties. To produce the membrane, SiOxNy is grown
on the silicon wafer using plasma-enhanced chemical vapor deposition. This is
done by Kent Potter at Caltech. The deposition parameters are adjusted to pro-
duce a membrane on silicon with small tensile stress. Since silicon-oxynitride is
considered to be a “low-quality” silicon-nitride film, its tensile strength is lower
than that of silicon-nitride. The gases used are silane (SiH4), ammonia (HHj3)
and nitrous oxide (N,Q). The deposition temperature is 300° C. The pressure
is 2mTorr. The RF power density is 0.012W-cm™2 and the RF frequency is
440kHz. The residual stress, og, of the film on silicon is a function of flow com-
position as shown in Figure3.38. The flow composition is adjusted to obtain a
og of 10 N-mm~2.

Another reason to use the SiOxNy-membranes is to prevent the thin-films
from being attacked by EDP or KOH solutions. We tested the etching rates by
measuring the thickness’s of SiO; and SiOxNy films on a Sloan DekTak® I1A
surface profiler. The measured etching rate of SiO, in EDP (100° C) and in KOH
(80° C) are 2004 and 2000A per hour, respectively. For the 20-minute etching
used in the previous cantilever-beam fabrications, the degradation of membranes
is negligible. However, in our cases, the silicon wafers have to be etched through
and it takes 10-12 hours in EDP solution or 3-4 hours in KOH solution. The
thin-film damage from etchants is another possible reason of failures in the ear-
lier attempt of fabricating microswitches on Si0, membranes. The measured
etching rates of EDP and KOH etchants for SiOxNy are 604 and 5004 per hour,
respectively. Therefore, using SiOxNy film can reduce the risk of breaking the
cantilever beams in long-period etching. The damage can be further reduced by

lowering the etching temperatures.

3.7.3 CANTILEVER BEAM

Arrays of cantilever-beams suspended on etched (100) silicon waveguides

are first fabricated to demonstrate the strength of SiOxNy films. Figure3.39
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(b)

Figure 3.39 (a) An SEM picture of an array of cantilever-beams suspended in etched silicon
cavities; and (b) an SEM picture of a cantilever-beam suspended in an etched silicon cavity.
The cantilever beam is a piece of 1-ym thick SiOxNy thin-film. A thin (150A4) layer of gold is
evaporated on the surface for taking SEM pictures. The width of the beam is 160 um and the

lencth i 00 1im
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shows (a) an SEM picture of an array of cantilever-beams suspended in etched
silicon cavities and (b) an SEM picture of a cantilever-beam suspended in an
etched silicon cavity. The cantilever-beam is a piece of 1-um thick SiOxNy thin-
film. The EDP etching time is 11 hours and, after etching, these SiOxNy films
stand freely on the edge of the windows like diving boards without any support.
Later a thin (1504) layer of gold is evaporated on the surface for taking SEM
pictures. The width of the beam is 160 pm and the length is 800 pm. Most of the
beams stay flat and several of them bend upward. Due to the highly-reflective
surface of the highly-doped silicon, the rounded corners on the tips are caused by
overdeveloping AZ1350J photoresist which defines the etching patterns. These
diving-board beams are surprisingly robust and survive from long-period hot
silicon-etching, water cleaning, compressed-air drying, and travelling between
Caltech and NASA-JPL where the SEM pictures were taken.

Figure 3.40 shows a top-view optical picture of another cantilever-beam ar-
ray. The width of the SiOxNy-beams is 200 um and the length is 900 pum. The
front opening of the silicon cavity is 1 mm x1mm. The silicon wafer with a thick-
ness of 300 um is etched through, so the back windows are visible underneath the
beams. The etching pattern is defined by AZ5214 photoresist which has no ex-
posure problems on highly-reflective surfaces, so the corners of the diving boards
are not rounded.

These arrays show that the stress-free high-strength SiOxNy-films can pro-

vide a good foundation for constructing microswitches.

3.7.4 MICROSWITCHES

Figure3.41 shows an array of microswitches fabricated using 1-pm thick
SiOxNy thin-film on (100) silicon. It is a 5x5 array and 21 out of 25 micro-
switches are made successfully. One of the bad switches is destroyed by tweezer
and the plated bridges on the rest of three are stripped off due to underdeveloped

photoresist layers on the plating bases.
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Figure 3.40 A top view of cantilever-beams suspended in etched silicon cavities. This picture is
taken using an optical microscope. The cantilever beam is a 1-um thick SiOxNy thin-film. The
width of the beam is 200 pm and the length is 900 um. The front opening of the silicon cavity
is lmmx1mm. The silicon wafer with a thickness of 300 um is etched through and the back

windows are visible.

Figure 3.41 An array of microswitches fabricated using 1-mum thick SiOxNy thin-film on (100)
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Figure 3.42 shows (a) one microswitch and (b) the gap between the contacts.
The SiO.-pad to prevent a DC current path is not fabricated in this switch for
testing reasons. The cantilever beam is based on 1-um thick SiOxNy-film and has
a width of 100 um and a length of 440 um. The total area of the bridge-structure
is a 60 umx 120 gm. The gap between the contacts is 1 um which is the height of
the photoresist sacrificial-layer. The thickness of the plated gold is 3 ym.

The switch is tested by applying a bias between two electrodes and measuring
the resistance across the switch. A minimum voltage of 25V is required to close
the switches at 20° C. When the switches are heated by a heat-gun on the front,
they close with less voltage or even without applying a bias. This is caused by
the differences in thermal coefficients of expansion between SiOxNy film and the
Cr-Au metallization. It indicates that the microswitches can also be used as a

temperature sensor.

3.7.5 RaomBic WAVEGUIDES

Etching (110) silicon using KOH solution to form a structure with vertical
sidewalls have been demonstrated by Bean [26] in 1978. The height of the side-
walls is 80 pm and the misalignment between the protection mask and the crystal
planes causes undercutting and makes the sidewalls tilted in deeper etching. The
problem was solved by McGrath and Tai [47] who demonstrated micromachined
rectangular waveguides on (110) silicon using the same etching techniques. The
height of the etched sidewalls is 1.28 cm.

The misalignment problem is due to the errors of the alignment edges (which
indicate the (111) directions) on the silicon wafers, provided by the wafer manu-
factures, This misalignment problem was also observed in [48]. These alignment
edges usually have errors of several degrees from the exact crystal planes. Fig-
ure 3.43 (a) shows the etching result of rhombic waveguides on (110) silicon using
the alignment edges on the wafer. The etching depth is 400 um. The sidewalls

are obviously tilted.
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(b)

Figure 3.42 (a) One microswitch and (b) the gap between the contacts.
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To overcome this problem but not to purchase expensive custom-made sili-
con wafers, we used a simple pre-etching alignment technique. A mask is made
with patterns of radial straight-lines spaced with an angle of 0.2° between lines.
Photoresist is applied on the entire wafer. In an unwanted area on the wafer,
the alignment-edge is aligned with one of the straight line and the resist is ex-
posed. Then SiOxNy is etched to define the radial-straight-line pattern. Then
the unwanted part of the silicon wafer is dumped into KOH solution to etch these
lines. After etching, most of the straight lines will show undercuts except the
one aligned with the exact (111) planes. Then we use this line as an alignment
mark to define the rhombic patterns. Figure 3.43 (b) shows the result using this
technique. The etched depth is about 400 um and the sidewalls are not tilted.

3.8 MEASUREMENTS

To demonstrate the feasibility of binary phase-shifts utilizing two states
of microswitches, several meshes on etched silicon wafers with different metal
patterns on membranes imitating different switch-configurations have been fab-
ricated for measurements. The tests are based on the designs for 44-GHz
beam-steering grids. Highly-doped (100) silicon wafers with an average thick-
ness of 310 um are used to fabricate rectangular windows with equilateral-
triangular-lattice arrangements, as shown in Figure3.24, using EDP etchant.
The anisotropic etching creates pyramid-shaped sidewalls in the etched windows.
However, according to the simulations, the reflection losses could be minimized
with proper spacing parameters.

The silicon is etched through but with SiOxNy-membranes suspended on
the openings of the windows. The suspended membranes are protected by pho-
toresist. The front and back surfaces of the silicon wafers are deposited with
evaporated gold. The sidewalls are also coated with gold by tilting the wafers
in the evaporation chamber and evaporating gold on the sidewalls from an angle

(45°). The photoresist layer then is lifted-off. The SiOxNy-membrane thickness
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(b)

Figure 3.43 Pictures of etched rhombic waveguides on (110} silicon wafers (a) using the align-

ment edge provided by the wafer manufacture; and (b) using the pre-etching alignment technique.

The etched depth is about 400 pgm.



197

is 1 ym which is thin enough to be treated as transparent for 44-GHz signals.
For imitating different switch configurations, photoresist is applied and exposed
with different masks. Then gold is deposited on the wafer using electron-beam

evaporation and lifted-off to form the desired metal patterns on the membranes.

3.8.1 RESONANT FREQUENCIES

The experimental arrangement is shown in Figure3.44 to measure the
transmission. For measuring resonances, reflection measurements are usually
used, however, network analyzers with proper operating frequencies are not
available at the time, we used transmission measurements instead. Hewlett-
Packard millimeter-wave source modules HP83555A (35-50 GHz) and HP83557
(50-75 GHz) with a synthesizer HP 83620A are used for sources. Preselected mix-
ers HP11974Q (35-50 GHz) and HP11974V (50-75 GHz) are used with a spectrum
analyzer HP8563A for receivers. The grids are placed between the transmitting

and receiving horns with absorbers around. Absorbers are also placed around the

mm-Wave Source Preselected Mixer
<{
HP83555A = , = HP11974Q
< HP11974v
_ - <T &
' B

S

Fig. 3.44 Measurement arrangement.
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horns in order to reduce the interferences. The transmission curves are measured

as calibration standards without the existence of the grids.

A rectangular-window array without capacitive or inductive metal patterns
on the membranes, as shown in Figure 3.24, is first measured to verify the reso-
nance. Calculated and measured transmittances are shown in Figure 3.45. The
ripples on the transmission curves come from the interferences between the grid
and the receiving horn. The measured transmittance with ripples reaches 0 dB
at 44 GHz. Using curve-fitting to smooth the ripples, the measured total-loss is
found to be 0.08dB at 44 GHz. The calculated loss is 4.3x10~* dB. The trans-

mission curve indicates the resonant frequency is about 44 GHz.

Capacitive metal patterns are applied on the membrane windows, as shown
in Figure3.29. The gap between the horizontal strips is 1.11mm. Adding a
shunt capacitance to the resonant impedance, as shown in Figure 3.30, shifts the

resonant frequency to 37 GHz. Figure3.46 shows the calculated and measured
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Fig. 3.45 Calculated and measured transmittances of a rectangular-window array without ca-

pacitive or inductive metal patterns on the membranes. The structure is shown in Figure 3.24.
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Fig. 3.46 Calculated and measured transmittances of a rectangular-window array with capacitive

metal patterns, as shown in Figure 3.29, on the membranes for imitating open switches.
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Fig. 3.47 Calculated and measured transmittances of a rectangular-window array with inductive

metal patterns, as shown in Figure 3.31, on the membranes for imitating closed switches.
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transmittances. The double-dashed line shows a fitting-curve without ripples.
The measured total-loss is 0.4 dB at 37 GHz and the calculated one is 0.01 dB.
Inductive metal patterns are applied on the membrane windows for imitating
closed switches. The structure is shown in Figure3.31. The gap between the
horizontal strips is 1.11 mm. The vertical strip has a width of 20 um and a length
of 1.94mm. In the equivalent circuit, a shunt inductive reactance of +70.658Z; is
added to the impedance of the open-switch configuration by the vertical metal-
strip which shifts the resonant frequency to 50 GHz, as shown in Figure3.32.
Figure 3.47 shows the calculated and measured transmittances. The measured
total-loss 1s 0.52dB at 50 GHz and the Q-factor is also shown greater than that

of capacitive configuration, as expected.

3.8.2 BEAM-STEERING

Beam-steering 1s measured by moving the preselected-mixer on a fixed-
distance arc with the grid in the apex of the arc. The length of the arc is 1.5m
to make sure that the measured antenna pattern is in the far-field region. Trans-
mission and the far-field patterns are first measured without the grid between
the source and the mixer as calibration standards.

The grid is configured as a “two point-source phased array”, with capacitive
patterns in one half and inductive patterns in the other half. The capacitive

reactance and the inductive reactance will provide —20.8° and +20.8° phase

H_CD —

Fig. 3.48 A two point-source phased array.
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shifts, respectively, relative to the meshes without any reactive patterns. The
analogy of this measurement is shown in Figure 3.48. These two point-sources
have unequal amplitudes and arbitrary phase differences. Assuming the point 1
has an electric field amplitude of unity in the far-field range and the point 2 has
an amplitude of ¢ and 0 < a < 1. The point-sources have a phase difference of

6, then the total field in the same distance is given by

_ 2 Y - P
E= \/(1+acosz/)) + (asiny)” /tan [asml—}-acosd)} (3.11)
and
= 3;19 sinf + 6 (3.12)

where 6 is the propagation direction, d is the effective distance between these two
sources, and the phase angle (/) is referred to one of the sources. By measuring

the E-plane far-field pattern, the relative phase-shifts can be determined.
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Fig. 3.49 Measured E-plane far-field pattern and theoretical E-plane pattern from two phased-
array elements with equal amplitudes and 0° phase difference. By comparing these two patterns,

we can decide the effective distance, d.
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Due to the equilateral-triangular-lattice arrangement of the rectangular
pyramid-sidewall windows in the grid, the effective distance between the two
phased-array elements will not be the physical separation of the two halves of
the reactive metal-patterns. To decide the effective distance, d, the far-field pat-
tern is first measured using a grid with only capacitive metal patterns on all the
membranes. This configuration is imitating a grid with all the microswitches

opened.

Figure 3.49 shows the measured E-plane far-field pattern and the theoretical
pattern calculated from two phased-array elements with equal amplitudes, a = 1,
and 0° phase difference. By comparing these two patterns, the effective distance,

d, is found to be 1.91A.

One layer of beam-steering grid is used to measured the steering angles and
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Fig. 3.50 Measured E-plane patterns. The dashed line indicates the grid with only capacitive
metal-patterns on the membranes, which the phase difference is 0° in the two phased-array
elements. The solid line indicates the grid with one half of inductive patterns and the other half

of capacitive patterns, which has a 30° phase difference decided by the measured steering angle.
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phase shifts. Figure3.50 shows the measured E-plane pattern. The dashed line
indicates the grid with only capacitive metal patterns, where the phase difference
15 0° in the model of two phased-array elements. The solid line indicates the grid
with one half of inductive patterns and the other half of capacitive patterns. The
measured steering angle is 2.5° with a loss of 1.08dB at 44 GHz. This indicates
that the phase shift is 4+30° when the reactance is changed from capacitive to
inductive by closing the switch. The estimated phase shift and loss are 41.6° and
0.59 dB, respectively, which should result in a 3.3° steering.
Two layers, which have the same metal patterns - one half of inductive
patterns and the other half of capacitive patterns, are stacked together for more
phase shifts. These two layers are mounted on a stage with adjustable spacings

by a micrometer. The spacing is adjusted to reach a minimum loss. From a
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Fig.3.51 Measured E-plane patterns. The dashed line indicates the 1-layer grid with only
capacitive metal patterns, which the phase difference is 0° in the two phased-array elements.
The solid line indicates the 2-layer grid with one half of inductive patterns and the other half of
capacitive patterns on both layers. The phase difference is 84° decided from the steering angle.

The distance between two layers is 1.7 mm, which is an electric length of 90° at 44 GHz.
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simple transmission-line model, the minimum theoretical loss should be 0.37dB
with an electrical length of 90°, which will result in a phase shift of 93.6° and
a steering angle of 7.8°. Figure 3.51 shows the measured results. The measured
loss is 0.8 dB with a steering angle of 7° which indicates a phase shift of 84°. The
beam width and the sidelobes of this 2-layer grid are greater than those of the
1-layer grid, possibly due to the multiple reflections, from the metallization on
the edges of wafer, between two layers.

A bigger angle of beam steering can be achieved by stacking more layers to
allow more phase shifts. The losses can be minimized by adjusting the electrical

lengths between layers.

3.9 CONCLUSION

The purpose of this work is to demonstrate the feasibility of discrete beam-
steering using microswitch arrays on silicon wafers. Design principles for sub-
millimeter and millimeter wavelengths have been shown step-by-step. These two
designs include practical considerations of using (110) and (100) orientation
silicon wafers with anisotropic etchant KOH and EDP solutions, respectively.
Because of smaller wavelengths, submillimeter-wave beam-steering grids should
have TE;o-wave guided in etched vertical-wall rhombic waveguides with micro-
switches inside to provide the required shunt reactances for phase-shifting. The
dimensions and spacings of rhombic waveguides in the grids have been calculated
to minimize the losses. The single-mode rhombic waveguides with inside-angles
of 70.6° and 109.4° are also characterized. By changing the settings of micro-
switches in different layers, different phase-shifts can be achieved. With a stacked
10-layer structure, a phase-shift resolution of 22.5° over 360° with 4-bit control
should be possible. For a 240 GHz-design, calculations predict that the maximum
phase error is 5° and the maximum loss is 1.58 dB including reflection loss and
RF conduction loss which is calculated by assuming a RF series-resistance of 22

on each switch.
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For longer wavelengths, thin (100) silicon wafers are used for supporting the
microswitches and free space between layers is used for providing the proper elec-
trical lengths. The microswitches are suspended on the openings of etched rectan-
gular pyramid-sidewall windows which are arranged in an equilateral-triangular-
lattice structure. By adjusting the dimensions and spacings, the reflection losses
can be minimized, even with the existence of pyramidal sidewalls. A 10-layer
system with proper spacers can provide phase-shifts with a resolution of 22.5°
over 360°, controlled by a 4-bit signal. For a 44 GHz-design, calculations predict
that the maximum phase error is 4.9° and the maximum loss is 2.42 dB including
reflection loss and RF conduction loss which is also calculated by assuming a RF
series resistance of 2§} on each switch.

Micromechanical SiOxNy-membrane switches are fabricated on (100) ori-
entation silicon wafers to demonstrate the feasibility of fabricating long (longer
than 500 pm) electrostatically-controlled binary switches on silicon in order to
provide the required shunt reactances. Rhombic waveguide arrays are also made
by using (110) orientation silicon wafers and anisotropic etching techniques to
show that it is feasible to fabricate vertical-wall waveguides on silicon in order
to stack more layers together for more phase shifts.

Measurements are performed for the 44-GHz designs with different metal
patterns fabricated on the SiOxNy-membranes suspended over etched windows on
silicon for imitating open or closed switches. Resonant frequency measurements
verify the reactances added by the capacitive and inductive patterns. Beam-
steering measurements demonstrated a 7° beam-steering by a 2-layer grid with
a minimum loss of 0.8dB. A bigger angle of beam steering can be achieved by
stacking more layers to allow more phase shifts. The losses can be minimized by

adjusting the electrical lengths between layers.

3.10 FUTURE WORK

Without doubt, the next step of this work is to integrate the microswitches
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into the beam-steering grids since the fabrications of microswitches, the etching of
vertical-wall rhombic waveguides on silicon, and the principles of beam-steering
have been demonstrated. The operation speeds and voltages of microswitches,
which are strongly influenced by the stress and quality of the membranes, would
be important issues to study [49-51]. Several research groups including Lucas
NovaSensor [52], Texas Instruments Inc. [53], UC Berkeley [54], Tokyo Univer-
sity [55], Stanford University [56] and Rockwell Science Center [57] have shown
interest and achievements on this topic. Goldsmith et al. [53] demonstrated a
different configuration of membrane-switch on a discrete time-delay phase-shifter
at 8-12 GHz, which is supported by two posts in the ends of the membrane and
has a 30-50V operation voltage and a series resistance of 1.5§. This switch
configuration could be a possible candidate for beam-steering applications.

With the incredibly fast-launching micromachining technologies and mar-

ncident
‘pead

~.

" Substrate

Fig. 3.51 Micro-mirror on silicon [60]. The height of posts and the lengths of hinges are exagger-
ated to show the idea. The mirror elements can be highly-integrated to cover the entire reflection

surface with very small gaps between adjacent mirrors.

! The name “micro-mirror” is used by two different kinds of optical reflection modulators. Besides
the one mentioned in this chapter, the other one is basically a device with a vertical-wall, which
1s fabricated by etching silicon, coated with metal for the use of reflecting light from a laser diode.

There is no motion control in those devices.
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kets, the combining of quasi-optical techniques and micromachinery will lead to
a new direction of researches. One impressive achievement should be mentioned
is the “micro-mirror”! array on silicon chips [58,60]. Hornbeck [59] at Texas
Instruments Inc. invented the digital micro-mirror devices (DMDs) in 1987 us-
ing electrostatically controlled reflection membrane-mirrors as light modulators.
These optomechanical devices have been proposed to be used on a thin planar
display which should outperform cathode-ray tubes in computer monitors and
high-definition televisions [61]. Figure 3.51 shows the idea. The micro-mirror is
suspended above the surface by two supporting posts and the torsion hinges. The
mirror tilts into the ON- or OFF-state by electrostatic forces which are changed
by the bias. The size of the demonstrated micro-mirror is 16 um on each side
and it is coated by aluminum-alloy. The electrostatic forces tilt the mirror by
+10° with a voltage of 5V [60] and reflect the incident light onto a projection
lens.

Like at optical wavelengths, the micro-mirror array can be used as a quasi-
optical reflection beam-steerer at millimeter and submillimeter wavelengths. In-
stead of changing the reactances of the propagating waves, the beam direction
can be directly changed by the movement of mirrors. This device should also
provide advantages of low loss at high frequencies, because of reflections from
pure metal surfaces, and simple control circuits, which can be controlled by a

CMOS static RAM with a low-power battery like the one demonstrated in [60].
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Chapter 4

Metal-Mesh Evanescent-Wave Couplers

Quasi-optical couplers provide functions such as amplitude modulations,
beam switching and feedback elements to couple the required feedback to reach
oscillation conditions for quasi-optical coherent power-combining. Fabry-Perot
interferometers have been widely used as tunable couplers and filters at millime-
ter and submillimeter wavelengths. These couplers consist of two reflectors and
make use of interference between propagating waves to change their coupling
coefficient. The large and rapid change of the coupling coefficient with frequency
results in a narrow bandwidth. We proposed a metal-mesh evanescent-wave
coupler makes use of the coupling effect of evanescent waves to change the trans-
mission. The evanescent waves are induced by an incident wave on the meshes,
and decay quickly away from the mesh, normally less than A/20 from the surface.
Therefore, in contrast to a Fabry-Perot interferometer, the coupling coefficient of
the evanescent wave coupler can be significantly changed by small adjustments
of spacing. In principle, this type of couplers should have wider bandwidth be-
cause the transmission properties of the couplers depend primarily on the mesh

parameters.

This work is a joint effort between Dr. Jongsuck Bae and Dr. Koji Mizuno’s
group, where the couplers were fabricated and tested, at the Research Institute of
Electrical Communication in Tohoku University, Sendai, Japan; and the MMIC

group at CalTech.

Metal-mesh evanescent-wave couplers have been demonstrated as quasi-
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optical amplitude-modulators at millimeter wavelengths. The organization of
this chapter is in the following order:

Transmission properties of the inductive and capacitive couplers are first
investigated including effective coupling distances, coupling effects and the res-
onant frequencies. The dependence of the resonant frequencies on the mesh pa-
rameters and the thickness of dielectric tuning plates is also studied. A model is
presented to explain the relationship between the effective dielectric constant and
the evanescent-wave coupling effect, which predicts the behavior of the metal-
mesh evanescent-wave couplers. Design principles are also presented to reach
maximum amplitude modulations considering the mesh parameters, resonant fre-
quencies and the thickness of the tuning plates. In the end, an optical-controlled

metal-mesh evanescent-wave coupler is also demonstrated.

4.1 MOTIVATION

This work serves two purposes: understanding the evanescent-wave coupling
effect in order to develop an efficient electronic millimeter/submillimeter-wave
amplitude modulator; and explaining some behaviors of slab-tuners and metal-
mesh filters used in a quasi-optical grid-amplifier or grid-oscillator system, which
are observed when the tuners are placed close to the grids. These behaviors and
the discrepancies between measurements and theory can not be explained by a
simple transmission-line model.

Construction of a complete quasi-optical system includes amplitude con-
trollers for amplitude modulations and beam switching. The amplitude con-
trollers can also be served as feedback elements to provide the required feedback
to reach oscillation conditions for quasi-optical oscillators. Fabry-Perot interfer-
ometers have been widely used as tunable couplers and filters at millimeter and
submillimeter wavelengths. These couplers consist of two reflectors and make use
of interference between propagating waves to change their coupling coefficient.

Consequently, the large and rapid change of the coupling coefficient with fre-
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quency results in a narrow bandwidth [1]. Also the Fabry-Perot interferometers

are mechanically operated which is not suitable for electronic modulations.

The diode grid, a periodic circuit loaded with diodes where the reactances
can be varied by controlling the bias on diodes, has been demonstrated as a
beam controller. Transmission controls over the range of 20% to 50% at 99 GHz
and 20% to 70% at 165 GHz were demonstrated by Sjogren et al. [2,3] using a
diode-grid with 8640 Schottky diodes. Qin et al. [4,5] also demonstrated a 24 dB
ON/OFF ratio with a minimum transmission loss of 2.2 dB using a single diode-
grid and a 42dB ON/OFF ratio with a minimum transmission loss of 4 dB using
two stacked layers at 60 GHz. Quasi-optical diode grids provide many advantages,
as mentioned in Chapter 2, including eliminating waveguide losses and high-speed
operations. However, the series resistances of the diode increase as the frequencies
increase and cause serious losses at higher frequencies, especially at terahertz
frequencies. Using passive elements instead of diodes or other active devices to
provide amplitude modulations at submillimeter wavelengths is an alternative
approach. We proposed a new metal-mesh coupler utilizing evanescent-wave
coupling as a new quasi-optical component to overcome the tradeoff between
bandwidth and coupling coeflicient of the Fabry-Perot couplers and to reduce

the transmission losses caused by the series resistances of diodes.

The second purpose of this work is to understand the behaviors of slab-tuners
which are commonly used in a quasi-optical grid-amplifier or grid-oscillator sys-
tem. In a grid-amplifier system, metal-strip polarizers are used to separate the
input and output polarizations and dielectric slabs are used to provide indepen-
dent tuning of the input and output circuits. In a grid-oscillator system, the
metal-strip polarizer filters out the desired polarization and feedbacks the other
polarization back into the oscillator. Dielectric-slab tuners are also used to match
the impedances for delivering maximum output powers. The behaviors of these

metal-strip polarizers and dielectric-slab tuners are well predicted by a simple
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transmission-line model, however, past experiences show that discrepancies oc-
cur when they are placed close, for example, with a spacing less than a half
wavelength, to the grids. For instant, De Lisio et al. [6] demonstrated a, pHEMT
grid-amplifier which has nulls in the output pattern, possibly caused by the in-
put polarizer. The nulls disappear when the input polarizer is placed less than
a half-wavelength from the grid surface, however, it also causes the peak gain to
drop by 3dB. This behavior can not be explained by the simple transmission-line
equivalent-circuit which only considers the propagating mode. The evanescent-
wave coupling effect, caused by the changes of the effective dielectric constant,
provides a good explanation of this behavior.

In this chapter, mechanical tunable metal-mesh evanescent-wave couplers
are first studied to understand the evanescent-wave coupling effect; the depen-
dence of the coupling effects on the mesh parameters, the spacings, the thick-
ness of tuning slab; and the relationships between the coupling effects and the
resonant frequencies. A more accurate model then is presented to modify the
transmission-line equivalent-circuit taking the evanescent-wave effects into con-
sideration. Finally, we used the same model and design approaches to demon-
strate a non-mechanical optical-controlled metal-mesh evanescent-wave coupler

for amplitude modulations at millimeter wavelengths.

4.2 CONFIGURATION

The coupler consists of an inductive or a capacitive metal-mesh fabricated on
a dielectric plate and a flat dielectric plate placed close to the surface of the mesh,
as shown in Figure4.1. We chose to fabricate the metal meshes on a quartz plate
because of the low dielectric constant and low loss at millimeter wavelengths.
Low-doped silicon wafer is chosen to be used as the movable dielectric plate
because of the higher dielectric constant and low loss. A material with higher
dielectric constant is favorable to achieve a bigger difference of dielectric constants

between these two plates, such as GaAs, however, it should also satisfy the low-
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Fig. 4.1 (a) Configuration of a metal-mesh evanescent-wave coupler. (b) Capacitive meshes and

inductive meshes.

Fig. 4.2 A picture of the silicon plate (right) and the inductive (left, top) and capacitive (left,

bottom) metal-mesh quartz plates.
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loss requirement.

The metal-mesh evanescent-wave coupler makes use of the coupling effect of
evanescent waves to change reflectance and transmittance. The evanescent waves
are induced by an incident wave on the meshes, and decay quickly away from
the meshes, normally less than A/20 from the surface [7]. Therefore, in contrast
to a Fabry-Perot interferometer, the coupling coeflicient of the evanescent-wave
coupler can be significantly changed by small adjustments of spacing, L, between
the meshes and the dielectric plate. When the spacing is greater than a half-
wavelength, the evanescent-wave coupling effect should vanish due to the strong
attenuations of the evanescent waves, the couplers will behave like Fabry-Perot
interferometers. In principle, this type of coupler can also have wider bandwidth
because the transmission properties of the couplers depend primarily on the mesh
parameters. For a vertically-polarized electric field, the transmission properties
of an inductive coupler and a capacitive coupler mainly depend on the width of
the vertical strips, 2a, and the gap between the horizontal strips, 2a, respectively,

as well as the unit cell, g, as shown in Figure4.1.

4.3 CALCULATIONS

The theoretical analysis of the couplers is done assuming an infinitely large
periodic grid. The metal strips are assumed to be perfect conductors and have
zero thickness. The dielectric materials are assumed to be lossless. To simplify
the calculations, one-dimension strips are used. A uniform plane wave is assumed
to be normally incident with the electric field polarized perpendicular to the strips
for capacitive meshes or parallel to the strips for inductive meshes. The unit-cell
waveguide method is used with electric walls on the top and bottom and magnetic
walls on the sides to satisfy the boundary conditions for the TEM-wave incidence.
Symmetry allows to further reduce the unit-cell waveguide into a quarter-piece
waveguide with electric walls on the top and bottom and magnetic walls on the

sides as shown in Figure4.3.
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A computer program based on the method of moments is used for simula-
tions. This program is written by Michael DeLisio at Caltech. The calculation
results are verified using Hewlett-Packard High Frequency Structure Simulator

(HFSS), a finite-element electromagnetic-wave solver for 3-D passive structures.

The incident waves induce surface currents on the metal strips. These cur-
rents give rise to a reflected, or scattered, wave such that the tangential electric
field vanishes on the conducting strips. The surface current distribution is de-
termined using the method of moments [8]. The basis functions have a cos®
distribution, and the point-matching technique is employed. The Green’s func-
tion used is a truncated summation of spatial harmonics. In our analysis, ten

subdomains give reasonable convergence.

Once the current distribution has been determined, the induced EMF tech-
nique is used to calculate the embedding impedance of the metal meshes. This
technique is very similar to the one used by Eisenhart and Khan [9] and is further

developed by Weikle [10]. Then the embedding impedance is used to find the

E : Electric wall “ara
Pste

Mgy , T

Fig. 4.3 The simulation structure for a capacitive metal-mesh evanescent-wave coupler. Symme-
try allows to further reduce the unit-cell waveguide into a quarter-piece waveguide with electric
walls on the top and bottom and magnetic walls on the sides. To simplify the calculations,

one-dimension strips are used.
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reflection and transmission coefficients using a simple transmission-line model.

Figure 4.4 shows the calculated reflectances and transmittances for a capac-
itive coupler at 60 GHz as a function of the spacing, L, between the meshes and
the silicon plate. The quartz substrate has a refractive index of 2.12 and a thick-
ness of 2mm. The silicon plate has a refractive index of 3.42 and a thickness of
1mm. The unit-cell size, g, is 1.465 mm (0.293),) and the gap, 2a, is 0.585 mm
(0.117Xo). The results calculated by the method of moments are shown in lines
and the results calculated by HFSS are shown in markers. Both results agree
well within some errors of convergence. Simulations are also carried out from
40 GHz to 65 GHz with different unit-cell sizes and mesh parameters to verify
the agreement of both methods. Results show good agreement, especially when
the spacing, L, is small (less than 0.2)\y). Therefore, we used the method of

moments later for calculations in order to reduce the computation time.
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Fig. 4.4 Calculated reflectances and transmittances for a capacitive coupler at 60 GHz. The unit-
cell size, g, is 1.465 mm (0.293X¢) and the gap, 2a, is 0.585 mm (0.117Ag). The results calculated
by the method of moments are shown in lines and the results calculated by HFSS are shown in

markers.



222

Figure 4.4 also shows that the evanescent-wave coupling effect happens when
the spacings are small and the transmittances can be varied by more than 50%

with a change of spacing only 0.18 mm ()/28).

Figure4.5 shows the magnitudes and polarizations of electric fields on the
longitudinal plane with a spacing of 0.18 mm between the meshes and the silicon
plate. The sizes and tips of pyramids indicate the magnitudes and directions of

the electric fields, respectively. The propagating mode is a vertically-polarized

Fig.4.5 Plot of the magnitudes and polarizations of electric fields on the longitudinal plane.
The sizes and tips of pyramids indicate the magnitudes and directions of the electric fields,

respectively.
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TEM-wave. The horizontally polarized fields in the free space between the meshes
and the silicon plate show that there is a strong evanescent-wave interaction

which changes the embedding impedance of the metal-mesh grid significantly.

Figure4.6 shows the calculated transmittances for (a) a capacitive coupler
and (b) an inductive coupler as a function of frequency with different spacings, L.
The unit cell size, ¢, is 1.7mm. The gap of the capacitive meshes, 2a, is 0.69 mm
and the width of the inductive strips, 2a, is 0.69 mm. The ratio of 2a/g is 0.4.
Compton et al. [11] reported calculation results for strip gratings at a dielectric
interface using Babinet’s principle and found that, with a ratio of 2a/g = 0.4,
the evanescent waves will be excited the most by the meshes on quartz with a
refractive index of 2.1 (Fig. 7 and 8 in [11]). To reach maximum evanescent-wave
coupling effects, the ratio of 2a/g is always set to be 0.4 in our couplers with

different g and 2a.

Figure4.6 (a) shows that the evanescent-wave coupling effects change the
transmittances more than 40% over a 10% frequency range by varying L within
160 yum. The maximum variation of the coupling effect is 83% at 57 GHz. It is
also shown that the capacitive coupler has a relatively flat transmission band
in the frequency range between 50 GHz and 57 GHz. The transmittance reaches
zero at 57 GHz with zero spacing and increases abruptly when the frequency
increases. This is due to the resonant effect in the metal strip gratings [12] and

will be discussed later.

The transmission of an inductive coupler should be the complement of that of
a capacitive coupler with the same mesh parameters, as shown in Figure4.6 (b).
The coupling effects change less than 20% for a spacing change of 100 ym in the
frequency range between 50 GHz and 60 GHz. This shows that the evanescent-
wave coupling effect is smaller in the inductive coupler than in the capacitive
coupler, verified later by measurements. The resonance also appears at 57 GHz

where the transmittance is almost unity.
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Fig. 4.6 Calculated transmittances for (a) a capacitive coupler and (b) an inductive coupler as
a function of frequency with different spacings, L. The unit-cell size, g, is 1.7mm. The gap of

the capacitive meshes is 0.69 mm and the width of the inductive strips is 0.69 mm.
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4.4 MEASUREMENTS

Several capacitive and inductive metal-mesh evanescent-wave couplers are
fabricated and tested. The meshes are fabricated on z-cut quartz plates using
photolithographic techniques. The metal thickness is 1 um. The quartz plates
have a thickness of 2mm and a diameter of 40 mm. Different meshes with di-
mensions (g,2a)= (1.465, 0.585), (1.58,0.65), (1.70, 0.69) and (2.12, 0.86)mm
are used. The ratio of 2a/g is 0.4.

Low-doped silicon wafers are used as the tuning plates. The silicon plate
has a diameter of 63.5 mm and a thickness of 1 mm. Later 2-mm and 3-mm thick
silicon wafers are also used to verify the dependence of resonance on the thickness
of silicon plates.

Figure 4.7 shows the measurement arrangement. The couplers are placed be-
tween the transmitting and receiving horns connected to a HP85106C millimeter-
wave network analyzer. The measurement frequency range is from 40 GHz to
60 GHz. The plates are mounted on micrometers and the spacings are variable
with an accuracy of £10 yum. The parallelism between the meshes and the silicon
plate is adjusted using a He-Ne laser.

The refractive indices of the quartz and silicon plates have first been deter-
mined by measuring the transmission properties with the plates placed between
horns. The refractive index of the z-cut quartz is 2.1240.05 and the attenuation
constant is 0.5 Np/cm. The refractive index of the low-doped silicon is 3.424-0.05
and the attenuation is negligible in the frequency range of 40-60 GHz.

Figure 4.8 shows the measured transmittances of (a) the capacitive and (b)
the inductive couplers with meshes (g,2a)=(1.7,0.69) mm to compare with cal-
culation results. The transmittances are zero and almost unity with the spacing
L = 0 at 57.4GHz and 56 GHz for the capacitive and inductive couplers, re-
spectively. For the capacitive coupler, the transmittance variations vary from

10% at 50 GHz to 79% at 57.4 GHz with a spacing change of 130 yum. For the
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Fig. 4.7 Measurement arrangement.
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Fig. 4.8 Measured transmittances for (a) a capacitive coupler and (b) an inductive coupler as a

function of frequency with different spacings, L. The unit-cell size, g, is 1.7 mm. The gap of the

capacitive meshes is 0.69 mm and the width of the inductive strips is 0.69 mm.
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inductive coupler, the transmittance variations vary from 8% at 53 GHz to 10%
at 56 GHz with a spacing change of 100 um. The small fluctuations are caused
by scattered waves from the mirror-mounts. Although the calculations only use
one-dimensional strips, the theory prédicts the transmission properties well up
to 58 GHz. The measured transmittances for the inductive coupler, however, are

20% lower than the predictions at lower frequencies.

4.5 CoUuPLING EFFECTS

In metal-mesh evanescent-wave couplers, the Fabry-Perot etalon effect al-
ways appears together with the evanescent-wave coupling effects, so we have
to take both effects into account. Figure4.9 shows the measured and calcu-
lated transmittances at 56 GHz as a function of spacing, from zero to 0.75)\.
The Fabry-Perot etalon effect obviously occurs and causes resonant peaks in the
transmission. Since the evanescent-wave coupling effect only happens when the
silicon plate is very close to the meshes and the coupler behaves like a Fabry-
Perot interferometer for larger spacing, by comparing the part of the curve above
A/2 and the part around the origin, the evanescent-wave coupling effect alone
can be isolated by subtracting these two parts. Figure4.10 shows the transmit-
tances of the couplers (a) with and (b) without the evanescent-wave coupling
effect by varying the spacing L from 0 to 4mm at 56 GHz. The transmittances
of the capacitive coupler are 0.1 at L = 0 and 0.63 at L = ) /2, respectively. This
shows the evanescent-wave coupling effect decreases transmission by 53%. The
transmittances of the inductive coupler are 0.87 at L = 0 and 0.54 at L = )/2,
respectively. It shows the evanescent-wave coupling effect increases transmission
by 33%. When the spacing increases to 0.1 mm, by comparing the transmittances
at L = 0.1mm with those at L = A/2+ 0.1 mm, the transmittance change of the
capacitive coupler is 66% and is only 5% for the inductive coupler. This indicates
that the capacitive couplers have stronger evanescent-wave coupling effect than

inductive ones.
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(1.7,0.69) mm as a function of spacing, L, at 56 GHz.
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Figure4.11 shows the measured transmittances at 58 GHz. The dashed line
is measured from L = 0 to L = 1 mm and the solid line is measured from L = \/2
to L = A\/24+ 1mm. By comparing the part of the curve above A\/2 and the part
around the origin, the difference is the evanescent-wave coupling effect alone.

The evanescent-wave coupling effect can be defined as
C = Cy - e~oL=Lo) (4.1)

where C indicates the coupling effect, Cy is the peak value, L is the spacing be-
tween the meshes and the tuning plate, L is the effective distance for maximum
coupling and « is the attenuation constant of the coupling effect. Figure4.12
shows the dependence of the coupling effect on the spacing. The attenuation
constant is found to be 39 Np/mm and L, is 15 yum. With a spacing of 40 um,
the evanescent-wave coupling effect drops to e™? of its maximum value.

To estimate the effective distance of coupling, transmittances of the coupler
with meshes (g,2a)=(2.12,0.86) have been measured at 44 GHz (Figure4.13).
The thickness of the silicon plate is 1mm which is about half wavelength in
silicon at 44 GHz, the Fabry-Perot etalon effect between the metal meshes and
the silicon plate disappears at this frequency and we can estimate the effective
distance of coupling effect more precisely. Supposing there were no evanescent-
wave coupling effects in this type of couplers, the transmittances should have
stayed flat as the spacings vary. However, abrupt and large changes (more than
20%) of transmittances are observed in both couplers when the tuning plate
moves close to the meshes. This clearly shows that the evanescent-wave coupling
effects occur and increase the transmittance of the capacitive coupler as the
spacing increases while decrease the transmittance of the inductive coupler. The
transmittances change exponentially and approach to their final values as the
spacing increases. From the measured results, the transmittances are within
10% of their final values at a spacing of 220 um (A/31) for the ca.paciti've coupler
and 340 um (A/20) for the inductive coupler, respectively.
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Fig. 4.13 Transmittances of the couplers with meshes (g, 2a)=(2.12,0.86) mm at 44 GHz.

The decay constants of the coupling effect are 34 and 20 Np/mm for the
capacitive and inductive couplers, respectively, which are larger than the intensity
decay constant of the first-order evanescent wave, 11.2 Np/mm, predicted from
Fourier optics theory [1]. This shows that the changes of transmittance in the
couplers do not result from simple coupling between the evanescent fields and the
silicon plate. A more complicated model will be presented later. Also the results
show that the coupling decays faster and the transmittance variations are larger
in a capacitive coupler than in an inductive one. The theoretical transmittances
are about twice as large as the measured results in the inductive coupler, which
is also observed in Figure4.8. The discrepancy is possibly due to the RF losses
induced by the inductive meshes [13] which are not taken into consideration in

our calculations.

In principle, metal-mesh evanescent-wave couplers can have wider band-

width than Fabry-Perot interferometers because the metal-mesh evanescent-
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Fig. 4.14 Measured transmittances of the capacitive coupler with meshes (g, 2a)=(1.7,0.69) mm

as a function of frequency. The thickness of the silicon plate 1s 1 mm.

wave couplers make use of the coupling effects of evanescent waves to change
transmittance instead of the propagating waves and the transmission prop-
erties of evanescent waves primarily depend on the mesh parameters. Fig-
ure 4.14 shows the measured transmittances of a capacitive coupler with meshes
(9,2a)=(1.7,0.69) mm as a function of frequency. The coupling coefficient can be
changed by 83% at 56.5 GHz with a change of spacing from L = 0 to L = 0.15mm.
For the same variation of spacing, the transmittance changes are always more
than 25% in the frequency range from 40 GHz to 58 GHz. The bandwidth of an

evanescent-wave coupler is clearly bigger that of a Fabry-Perot coupler.

4.6 RESONANT EFFECTS

Since diffraction occurs above the resonant frequency and causes transmis-

sion losses, the operation of the evanescent-wave couplers is limited below the
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resonant frequency. Conventional mesh theory [11,14] has shown that the reso-
nant frequency of metal meshes on a dielectric substrate is determined by
c

fo= == (+2)

where c is the light velocity, g is the unit-cell size and n is the refractive in-
dex of the dielectric substrate. For the evanescent-wave couplers with L = 0
and (g,2a)=(1.7,0.69) mm, the resonant frequency predicted by the conventional
mesh theory is 51.6 GHz which is much lower than the measured values, 57.4 GHz
and 56 GHz for the capacitive and inductive couplers, respectively, (Figure4.8).
The resonant frequency calculated by the method of moments and HFSS is
57 GHz, as shown in Figure4.6. The discrepancy can be explained by modifying

the resonant frequency relationship as

Jo=— (4.3)

where n. is the effective refractive index. For a resonant frequency of 57 GHz, the
effective refractive index is 3.1 which is smaller than the actual index of 3.42. The
changes of n. could be caused by two factors: the evanescent-wave coupling effect
between the meshes and the tuning plate; and the finite thickness of the tuning
plate. The first factor can be explained by a more complicated coupling model,
presented later, which will also explain the disagreements between the decay
constant of the coupling effect and the intensity decay constant of the first-order
evanescent wave. The second factor is due to the fact that the thickness of the
silicon plate used (1 mm) is much smaller than the wavelengths. Several silicon
wafers with different thickness’s are used to verify our assumption. A design

requirement for the silicon-plate thickness is also considered.

4.6.1 DEPENDENCE ON THE MESH PARAMETERS

Figure4.15 and 4.16 show the measured transmittances of the capacitive

and inductive couplers with meshes (g,2a)=(2.12, 0.86) mm and (g, 2a)=(1.70,
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Fig. 4.15 Measured transmittances of the couplers with meshes (g,2a)=(2.12, 0.86)mm as a
function of frequency. The thickness of the silicon plate is 1 mm and the spacing, L, is zero. The

dashed line indicates the inductive coupler and the solid line indicates the capacitive coupler.
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Fig.4.16 Measured transmittances of the couplers with meshes (g,2a)=(1.70, 0.69) mm as a
function of frequency. The thickness of the silicon plate is 1 mm and the spacing, L, is zero. The

dashed line indicates the inductive coupler and the solid line indicates the capacitive coupler.
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0.69)mm as a function of frequency, respectively. The thickness of the silicon
plate is 1mm and the spacing, L, is zero. At resonance, the transmittances of
capacitive couplers should approach zero while the ones of inductive couplers
reach their maximum values, considered the existence of RF losses, instead of
unity. Table4.1 lists the couplers, mesh parameters, resonant frequencies and

the effective refractive indices calculated by Eq. (4.3).

Coupler g, mm fo, GHz fm, GHz Ne

Inductive 2.12 46 46 3.076
Capacitive 2.12 46 46.5 3.043
Inductive 1.70 57 56 3.15
Capacitive 1.70 57 57.4 3.074

Table 4.1 The dependence of the resonant frequencies on mesh parameters. g is
the unit cell, f. is the calculated resonant frequency, f,, is the measured resonant

frequency, and n, is the effective refractive index.

The relationship between the measured resonant frequencies and the unit-
cell sizes follows the modified mesh theory, however, both results show that the
effective refractive index of silicon, which is about 3.1, is smaller than the actual
one, 3.42, which is determined by measuring the transmission properties of a
1-mm thick silicon plate in the frequency range of 40-60 GHz. This measurement
verifies that the discrepancy should result from the finite thickness of the silicon

plate instead of the mesh parameters.

4.6.2 DEPENDENCE ON THE THICKNESS OF SILICON PLATE

The transmittances of the capacitive couplers with meshes (g,2a)=(1.70,
0.69) mm are measured at L = 0 for different silicon plates with thickness’s of 1,
2 and 3mm to verify the dependence of resonant frequency on the thickness of
the tuning plate, as shown in Figure4.17. The first resonant frequencies, where

the transmittances reach to the first nulls as frequency increases, are 57.4, 53.5
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and 53 GHz for the thickness of 1, 2, and 3mm, respectively. Theory has well
predicted these resonant frequencies within an error of 1%. Above the resonant
frequencies, the measured transmittances are largely different from the calculated
values, though their shapes of curves are still similar. The discrepancy between
the calculations and the measurements is caused by diffraction losses which have
not been taken into account in the calculations. This discrepancy is not impor-
tant in the designs because the operations of the evanescent-wave couplers should
be limited below the resonant frequencies. These results verify our assumption of

the relationship between the resonant frequency and the tuning-plate thickness.

Figure4.18 shows (a) the resonant frequency and (b) the effective refractive
index as a function of the thickness of the silicon plate. When the thickness
increases, the effective refractive index increases exponentially approaching to
the actual value, 3.42. With a thickness of 3.4 mm, which is twice of the unit-cell
size ¢ = 1.7mm, the effective refractive index is 3.37 which is 98.5% of the actual
value. This can be a rule of thumb for designing an evanescent-wave coupler
that the tuning plate should have a thickness at least two times bigger than the
mesh period in order to reach the actual refractive index of silicon. When the
thickness of the silicon plate goes to zero, the resonant frequency increases and
approaches to 83.2 GHz which is determined by the refractive index of the mesh
substrate, quartz. This provides a flexibility of choosing the resonant frequencies
for different purposes or applications. By adjusting the thickness of the tuning
plate, the change of the effective refractive index of silicon can vary the resonant

frequency from 51.6 GHz to 83.2 GHz.

The thickness of the quartz substrate is also varied to examine the rela-
tionship with the resonant frequencies. However, the resonant frequency doesn’t
change significantly when the thickness changes from 2mm to 6 mm because of

the lower dielectric constant of quartz.

The resonant frequencies do not only determine the maximum operating fre-
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quencies of the couplers, but also change the transmission properties. Figure4.19
shows (a) measured and (b) calculated transmittances as a function of spacing
with different silicon plates. The transmittances are measured at the resonant
frequency, f, of the corresponding thickness, d. The capacitive couplers have
meshes (g,2a)=(1.70,0.69) mm. The transmittances can be varied 83% with a
spacing variation of 200 um for d=1mm at 57.4 GHz; 84% with a spacing vari-
ation of 120 um for d=2mm at 53.5 GHz; and 74% with a spacing variation of
40 pym for d=3 mm at 53 GHz. To compare, the transmittances only change 45%
at 53 GHz with a spacing variation of 50 um for the capacitive coupler with a
silicon thickness of 1 mm, as shown in Figure4.14. Changing the thickness of the
silicon plate from 1 mm to 3 mm can increase the coupling coefficient by 1.6 times.
Therefore, we can conclude that, by adjusting the thickness of the tuning plate
to locate the resonant frequency, a maximum variation of the evanescent-wave

coupling effect and a minimum moving range can be achieved at the operating

65 S 35 T T T T T T TTT]
L Theory 4 5 N ]
L eseee Measurement | 'g L .J
60 — — o B i
— — .> e
- 1% | E
= 3.0

- 1'% - —
55 — — _g - —
- — —
L. 1% B -J
= ) -4 = — Theory —
L 5] - eeees Measurement _
] - N

e Y T T O T Y 2.5 AN T I O O Y O I AT
0 2 4 6 8 10 0 2 4 6 B 10
Thickness of the silicon plate, mm Thickness of the silicon plate, mm

(a) (b)

Fig.4.18 (a) The relationship between the resonant frequency and the thickness of the silicon
plate; and (b) the relationship between the effective refractive index and the thickness of the
silicon plate. The capacitive couplers have meshes (g, 2a)=(1.70, 0.69) mm.
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frequency. In our case, this can be achieved at any operating frequency between
51.6 GHz, which is the resonant frequency when the thickness of the silicon plate
is infinite, and 83.2 GHz, which is determined by the quartz substrate.

4.7 EFFECTIVE DIELECTRIC CONSTANTS

As mentioned before, the abrupt transmittance changes of a metal-mesh
evanescent-wave coupler can not be explained by a simple transmission-line model
or Fourier optics theory [1]. A more complicated model should be considered.
The transmission properties of a metal mesh on a dielectric plate strongly depend
on its dielectric constant [11]. Therefore, the changes of the effective dielectric
constant of the silicon plate caused by the changes of spacing could explain the
large and rapid changes of transmittance in these couplers.

In order to confirm this assumption, transmittances of a coupler with a
dielectric tuning plate which has an effective refractive index n. are calculated

as a function of spacing, L. The effective refractive index n. is determined by

1 m
ne=,|(ng—1): =3 el 41 (44)

=1

and
2

a =k (%) 1 (4.5)

where ng; is the actual refractive index of the silicon plate, 3.42; a; is the field
decay constant of the i-th order evanescent wave; m is the number of evanescent
waves considered; and k is the wave number of the incident wave in free space.
First, n. is determined for various values of L, then the embedding imped-
ance, Zn(L), of the metal mesh, which is sandwiched by two dielectric plates with
refractive indices of 2.12 and n., is calculated by using the method of moments.

Infinite thickness of these dielectric plates is assumed to remove the Fabry-Perot
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Fig. 4.20 Equivalent circuit of an evanescent-wave coupler.

etalon effect. Finally, reflectance and transmittance of the coupler are computed
by using the simple equivalent-circuit shown in Figure 4.20.

Figure4.21 shows the measured and calculated transmittances of the (a)
inductive and (b) capacitive couplers with meshes (9,22)=(1.70,0.69) mm as a
function of spacing, L, at 58 GHz. The numbers of the evanescent modes con-
sidered in calculations are 1, 3, 7 and 10. We assume the considered evanescent
modes are equally excited by the metal meshes on the mesh surface. The results
show that our assumption on the relationship between the evanescent-wave cou-
pling effect and the effective refractive index of the silicon plate is valid within

the experimental error.

4.8 OrTicAL CONTROLLED MODULATIONS

One of the main reasons to study the relationship between the evanescent-
wave coupling effect and the effective dielectric constant is to develop an elec-
tronic beam controller for amplitude modulations. The abrupt and large coupling
effect can be used to vary the transmission powers more efficiently. There are
several methods to change the effective refractive indices electronically and these
methods have been used on high-speed light modulators such as electrooptic,
acoustooptic and magnetooptic effects [15,16]. All these effects produce refrac-
tive index changes in response to the modulating electric, acoustic and magnetic

fields. At optical wavelengths, these control signals provide good isolation with
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Fig. 4.21 Measured and calculated transmittances of the (a) inductive and (b) capacitive couplers

with meshes (g, 2a)=(1.70,0.69) mm at 58 GHz. The numbers of the evanescent modes considered

in calculations are 1, 3, 7 and 10.
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the propagating signals. At millimeter and submillimeter wavelengths, these
methods should also be considered except that the electrooptic effect should be
used the other way around, that is, using optical signals to control the propagat-
ing millimeter or submillimeter waves. Optical techniques offer many advantages
over acoustic or magnetic approaches such as near perfect isolation; low static
and dynamic insertion losses; fast responses; high power handling capability and
being non-destructive to materials [17]. Using optical injection with the photon
energy above the band-gap energy of semiconductor material, a layer of plasma
in the material will be generated to change the refractive index. The depth of the
free-carrier plasma introduced by light illumination can be controlled by selecting
an appropriate combination of optical radiation wavelength and semiconductor
absorption properties. For silicon, it has a wider dynamic range of absorption
than germanium and a lower photon-energy requirement than GaAs, CdS or GaP.
Therefore, low-doped silicon, which has low losses at millimeter wavelengths,
has been used as dielectric waveguides in optical-controlled modulators. Lee et
al. [17) demonstrated a 94-GHz phase-shifter using silicon dielectric waveguides
with 1.06-pm pulsed laser illumination. Manasson et al. [18] reported a photo-
induced plasma grating on silicon slabs to steer a 92-GHz beam by changing the

non-equilibrium plasma grating patterns to change the diffraction angles.

The optical injection should have the photon energy above the band-gap
energy of silicon, 1.12ev, to generate enough free-carrier plasma to change the
refractive index. In term of wavelength, the optical signal should have a wave-
length less than 1.107 um. The change of refractive index also depends on the
intensity and the modulation speed of the light; the injection area; the genera-
tion, recombination and diffusion rates of the free carriers in material; and the
thickness of silicon. Even for a small change of index, a large intensity of illumi-
nation is usually required [19,20]. For example, an intensity of 2.1 mJ/cm? with

a pulse width of 30 ps at 1.06 um is required to generate appreciable changes of



245

Fig. 4.22 Measurement arrangement for optical-controlled metal-mesh evanescent-wave couplers.

index [17]. The metal-mesh evanescent-wave couplers, as demonstrated, are very
sensitive to the changes of effective refractive index, especially when operated
at the resonant frequencies. Therefore, we propose to use the evanescent-wave
couplers with optical control in order to achieve large modulations and reduce
the injection powers.

Figure 4.22 shows the measurement arrangement. The metal-mesh evanes-
cent-wave coupler has meshes (g,2a¢)=(1.7,0.69)mm and the thickness of the
low-doped silicon plate is 1mm. The transmitting signal is provided by a Gunn
diode oscillator with a frequency range of 48-60 GHz and a CW power of 30 mW.
The coupler is placed between the transmitting and recetving horns and illumi-
nated by a laser diode. The laser has a wavelength of 0.88 ym, a peak power
of 18 W, a pulse width of 100ns and a repetition rate of 1kHz. The laser beam
has a radiation angle of 30° which covers the entire silicon wafer. The detec-
tor is a Schottky-barrier diode detector with a sensitivity of 103 V/W. Due to
the experimental setup, only transmittances are measured. The calibrations of
the transmittances as well as the relationship between the amplified detection-
currents on the Schottky diode and the receiving powers are determined through
transmission measurements without the couplers.

Time-responses are first measured to verify the maximum modulation fre-
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quency. The modulation frequency is limited by the relaxation time of the free
carriers in silicon. By comparing the recovering signals on the Schottky diode
with the output pulses from the laser diode, we found that the maximum modu-
lation is about 10 kHz which agrees with the theoretical value predicted from the
recombination times of free carriers in silicon [21]. Then the modulation rate is

set 1kHz which is slow enough to give a good ON-/OFF-state isolation.

Transmittances are measured as a function of spacing, L, between the sili-
con plate and the meshes at 56.5 GHz, with and without the laser illumination.
Figure4.23 shows the transmittance changes between with and without hight il-

lumination. The transmittance change is zero when there is no light illuminated
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Fig.4.23 Measured transmittance modulations as a function of spacing, L. The transmittance
change is zero when there is no light illuminated on the silicon plate. Positive change means
the transmittance increases when the silicon is illuminated. When the spacing is more than
0.03 mm, the evanescent-wave coupling effect is small so that the modulation is only —0.6%. The
modulation is increased to +13% with L = 0, which means the transmittance increases 13% with

light illuminated, because of the evanescent-wave coupling effect.
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on the silicon plate. Positive change means the transmittance increases when
the silicon is illuminated. When the spacing is more than 30 ym, the evanescent-
wave coupling effect is small so that the change is only —0.6%. This means the
transmittance decreases by 0.6% due to the change of refractive index caused by
the photon-induced free carriers. The maximum modulation is +13% with L =

where the evanescent-wave coupling effect is stronger.

4.9 CONCLUSION

Metal-mesh evanescent-wave couplers have been demonstrated as quasi-
optical amplitude-modulation components at millimeter wavelengths. The trans-
mittance of a capacitive metal-mesh evanescent-wave coupler can be changed
from 93% to 10% at 56 GHz by moving a tuning plate only 250 um. Transmis-
sion properties of the inductive and capacitive couplers have been investigated
including effective coupling distances, coupling effects and the resonant frequen-
cies. It is found that the evanescent-wave coupling effect increases the transmit-
tance of a capacitive coupler as the spacing increases while it decreases that of
an inductive coupler. By comparing the transmittances with different spacings
between the tuning plate and the meshes, the effective coupling distances and
the decay constants of evanescent-wave coupling effect can be decided. A model
taking evanescent-waves into consideration is presented to explain the relation-
ship between the effective refractive index and the evanescent-wave coupling ef-
fect. This model also explains some discrepancies between the conventional mesh
theory and the measurements. The wide bandwidth feature of the metal-mesh
evanescent-wave couplers is also shown. The coupling coefficient of a capacitive
coupler can vary more than 30% over a 13% frequency range by adjusting the
spacings less than \/40.

Design principles are presented to reach maximum amplitude modulations
considering the mesh parameters, resonant frequencies and the thickness of the

tuning plates. In a capacitive coupler with the optimal mesh parameters, chang-



248

ing the silicon plate thickness from 1 mm to 3mm to tune the resonant frequen-
cies, the coupling coefficient at the operating frequency can be increased from
45% to 70% for a variation of spacing less than A/100. The model and design
principles presented at millimeter wavelengths, achieve good agreements with
measurements, and provide useful information for designing a submillimeter-wave
coupler.

An optical-controlled metal-mesh evanescent-wave coupler is also demon-
strated. By using a laser diode to modulate the effective dielectric constant with
the existence of the evanescent-wave coupling effect, a maximum modulation of
13% is achieved at 56.5 GHz. To compare, the modulation is only 0.6% without

the evanescent-wave coupling effect using the same power of light illumination.

4.10 FUTURE WORK

The preliminary works on optical-controlled metal-mesh evanescent-wave
couplers show promising signs to develop efficient, low-loss amplitude modulators
at millimeter and submillimeter wavelengths using low optical-injection powers.
The works continue in two directions: developing a submillimeter-wave metal-
mesh evanescent-wave coupler to operate at above 300 GHz and developing an
efficient means of controlling optical injections. As mentioned in Chapter 2, the
impedance tuning for the THz frequency multipliers is essential to reach high
efficiency and high output power. However, due to the small wavelengths, the
use of mechanical tuning elements with two quarter-wavelength slabs becomes
difficult and less flexible. Using an optical-controlled evanescent-wave coupler to
tune the impedances and switch the beams may become an option.

Understanding the dynamic behaviors of the free carriers introduced in sil-
icon by the light illumination is also important to develop an efficient coupler
with higher modulation speeds. The changes of the effective dielectric constant of
silicon is caused by the temporal and the spatial perturbations of the free-carrier

density and the changes include not only the real parts, but also the imaginary
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parts of the dielectric constants. The temporal and spatial distributions of the
free-carrier density, n(z,t), can be approximated by the continuity equation (in

one-dimension form): [22]

On(z,t) Dazn(z, t)

5 5z = G(z,t) — R(z,t) (4.6)

where 2 is the direction perpendicular to the surface; D is the coefficient of
ambipolar diffusion; and G(z,t) and R(z,t) are the generation and recombination
rates of the free carriers, respectively. According to Drude’s theory [21], the

complex dielectric constant, €, can be expressed as

2 2 2 .2
wp’e Te [ ' 1 ] wp,h Th [ }
— e _ 1 = - . 4.7
€= (1+wi72) ‘](.uo're (1+wird) Wo T, (4.7)
and
2 ne q° W2 = ny q° (4 8)
P nrey o,k " .

where €7, is the complex dielectric constant of the silicon; wp is the angular
frequency of the propagating wave; the indices e and & indicate the free-carriers
of electrons and holes, respectively; the 7. and 74 are the collision times; the w, .
and w,; are the plasma angular frequencies; the n, and n; are the densities;
the m; and mj are the effective masses; q is the elementary charge; and ¢ is
the vacuum dielectric constant. As one can imagine, the simulations and designs
become more complicated when the complex dielectric constants are involved.
The calculations using the method of moments and the transmission models

need to be re-examined and modified.
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